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ABSTRACT

HIGH FREQUENCY CHARACTERIZATION AND MODELING OF

ALGAAS/GAAS HBT DARLINGTON FEEDBACK AMPLIFIERS

Ding Li

Supervising Professor: Raj Solanki

High frequency (1 GHz - 20 GHz) S-parameter data were collected from a novel
circuit configuration of AJGaAs/GaAs HBTs combined as Darlington feedback amplifier
for the use of high frequency characterization of such devices, which is believed to be
important for understanding of the high current capabilities and improving the integration
of multi-stage HBT amplifiers. An analysis using SuperCompact simulation software as a
guide led to the formation of a new small-signal two-stage hybrid-m model that precisely
simulated the observed S-parameter characteristics. The simulation was accomplished at
two different bias conditions. Investigations of these modeled element values have shown
some interesting device physics. In particular, (a) the large deviation of second stage col-
lector-base junction capacitance value from the well-known reciprocal square-root C-V
relationship at the higher bias implies the influence of some transistor high-injection

effects or doping profile modification effect; (b) the unusual reverse-directional change of

xiil



the second-stage base resistance (increase instead of decrease in the presence of larger
emitter area and more fingers) is attributed to the localized heating and current crowding
effects, which may result in Kirk effect at relatively low collector current. Moreover, the
commonly observed increase of the resistive element values at the higher bias indicated

the thermal effeci on sheet resistance.

The same kind of device but packaged this time was vsed for high-speed switching
analysis, which has been currently less investigated for HBTs. This analysis was based on
the TDR (time domain reflectometer) measurements and previous model. A new analysis
technique is proposed here specially for small-signal (low-level) switching performance
analysis, and characterized by separating the input from output loop, which significantly
simplifies the circuit complexity. The hybrid-m model is found to be a good model in com-
pleting this task. Several different approaches achieved led to guite consistent results
which also match the experimental data and Spice simulation results well. In this investi-
gation, the parasitic load capacitance C L 1s found to be the most sensitive element to affect
the speed. The transconductance g, (or the current gajn 3) and the voltage gain are the
| main intrinsic parameters contributing to the delay performance. For HBTs, the collector-
base junction capacitance appears to be the dominant factor limiting the intrinsic switch-

ing speed, specially in the case that a large output-input voltage ratio is expected.
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CHAPTER 1

INTRODUCTION

After a long term of research and development since its becoming a reality with
the advent of molecular beam epitaxy (MBE) and metal-organic chemical vapor deposi-
tion (MOCVD) technologtes in the mid-70’s, heterojunction bipolar transistor (HBT) — a

concept as old as the transistor itself!3

— has more and more proved itself as one of the
most promising semiconductor devices with its prominent performance in maoy aspects

over its homojunction competitors.

The unique feature of a HBT is its wide-gap emitter. By creating a band-gap differ-
ence on the different sides of base-emitter junction, a series of significant changes have

occurred and a number of advantages can thereby be achieved.

First of all, electron injection efficiency is significantly raised in a heterostructure
bipolar transistor while the back injection is effectively impeded due to the gap variations,
which enables one to achieve an extremely high current gain. From another point of view,
it can be taken as a trade-off to achieve a very high base doping without degrading the
gain too much. Once a very highly doped base is available, a very thin base can be made
without increasing the base layer sheet resistance. As is well-known, a thin base layer will
cause a lower base transit time, which is considered as a main interior speed limit. Mean-
while, a high base doping allows one to have a relatively thick base-emitter depletion layer

with most part of it located inside the lightly doped emitter region, hence a low junction
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capacitance. Since the base resistance is reduced, the whole emitter area can conduct cur-
rent easily such that its capability to handle large current is largely raised. Other desired
features such as low base-collector junction capacitance, a desired level of collector break-
down voltage, low surface recombipation and bulk generation effects, can also be

achieved by optimizing the device parameters jn the fabrication of HBTs.

Among the different material combinations for a heterostructure emitter-base for-
mation, the AlGaAs/GaAs system appears to be the most promising since its prominent
ability in achieving a good lattice match between Al,Ga,_, As and GaAs without introduc-
ing severe interface state effects as well as providing a desired semi-insulating substrate.
More important, a relatively high electron mobility in GaAs contributes to a very low base

transit time in a n-p-n trapsistor.

As a bipolar transistor, HBT retains most of the behaviors of a BJT. But for cost
consideration, HBT finds its special applications in microwave and millimeter-wave fre-

quency range with its particularly high f, and f, features.

As a III-V device, GaAs HBTs offer many important advantages over GaAs MES-
FETs and HEMTSs. Some of those advantages, for example, are*: (a) The vertical structure
of a HBT allows that the thin base layer can be easily realized by epitaxial growth with
relaxed lithographic dimensions in achieving microwave and millimeter-wave frequency
capabilities; (b) The HBT’s higher transconductance g, (10-100 times greater, depending
on the output current) permits small input voltage swings and facilitates low (common-
collector) output impedance for fast charging of load capacitances in ICs; (c) The lower
(common-emitter) output conductance g, of the HBT resulted from the highly doped base
yields high device linearity and dc voltage gain, important in analog applications. Other
advantages include stable tumm-on voltage, low 1/f noise and trapping effects, higher cur-

rent capability per effective transistor area, and greater radiation hardness.
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With all these important features, HBT is finding its widespread applications in

many circuits. HBT is a generic candidate in microwave circuits, and can be used in
amplifier, oscillator, and muxer. Another promising application of HBT is in high speed
digital circuits where high performance emitter-coupled logic (ECL) and integrated-injec-
tion logic (IQL) can be implemented by HBTs to achieve LSI-VLSI capabilitiess. For an
amplifier, the highest performance of a GaAs HBT is in power amplifier circuits because
of its high current and voltage capabilities6‘3. Wideband amplifier is another example
making HBTs attractive since its high intrinsic gain, high speed, and freedom from trap-
ping effects. Broadband amplifier performance from dc to 20 GHz has been realized by a
very simple, monolithic, Darlington-coupled feedback amplifier design using two-quad
3 x l(mm2 emitter HBTs and no VO matching9. These amplifiers demonstrate signifi-
cantly improved bandwidth over advanced Si bipolarlo‘ and reduced size and power over
conventional MESFET approaches that use passive matching networks. For this reason,
AlGaAs/GaAs HBT Darlington feedback amplifier has been chosen here as the device

under investigation. Some other motivations for this are further elucidated later on.

Driven by the practical needs, a lot of papers have been published on HBT device
characterization. Most of them, however, focused on carrier transport mechanism studies
and dc analysis to achieve Ebers-Moll (EM) or Gummel-Poon (GP) alike models!!*!18
rather than high frequency/speed characterization though the latter is very important for

device designs. Although not the only way in use!?-22

, equivalent circuit method com-
bined with computer-aided simulation is a most effective approach for microwave device
modeling, in which the device is modeled by an equivalent network, and by the aid of
some kind of simulation software, a match between measured data and modeled results
can be finally achieved, and a set of circuit parameters can thus be obtained to characterize
the device. This approach is most appropriate for characterizing a specific device, and the

device parameters obtained in this way are often quite useful in iraproving the device

design.
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In this dissertation, the AlGaAs/GaAs HBT feedback amplifier is first time charac-

terized in GHz frequency range, and simulated by a lumped small-signal two-stage
hybrid-7 equivalent circuit model achieved by using SuperCompact software. The simu-
lation results bring about an excellent agreement with the measured two-port high fre-
quency parameters (S-parameters). Subsequent switching analysis of the same kind of
device is implemented based on high speed pulse response measurements, and also is first
time reported in this area. Choosing Darlington configuration device as a study object is
based on such an idea that since Darlington pair is not only a very popularly used device
but also a simplest unit circuit with two stage amplifiers cascaded, it may be a good candi-
date for multistage HBT studies, which is commonly considered very important for the
integration of HBTs. While Darlington device is not an ideal switching device, it is still
helpful for one’s better understanding of the switching mechanism of HBTs since the

device can be considered as a composite transistor.

This dissertation is organized as follows: In Chapter I, the general ideas of a HBT
are reviewed. Chapter III introduces some conventionally used device models, such as T-
model, hybrid-n model, bigh frequency small-signal model, and charge-control model.
Parasitics limiting the high frequency performance of HBTs are also discussed in this

chapter.

In Chapter IV the state-of-art high frequency measurement techniques are intro-

duced. S-parameter concepts and basic microwave circuit theories are reviewed too.

Chapter V is the main part of this dissertation, where the AlGaAs/GaAs HBT Dar-
lington-pair feedback amplifier is under high frequency characterization. The S-parameter
measurements were implemented using HP 8510 network analyzer combined with Cas-
cade Microtech microprobe systems, and the device was successfully simulated using
SuperCompact simulator. The subsequent investigations of the obtained model parameters

have given a clear picture how the device performanced.
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Chapter VI copes with another topic of this project, which is primarily a time
domain problem. The same kind of device but packaged at this time was characterized at
high speed using Tektronix digital sampling oscilloscope at its time-domain reflectometry
(TDR) mode. Based on the previously obtained model and parameters, a transient analysis
of the device under measurement environment was accomplished by implementing a new
analysis method. The extrinsic and intrinsic speed limitations are discussed and a very
good consistence among the mode], Spice simulation and the experimental results reveals
the switching mechanism of the HBT device in detail, which is believed to be instructive

in switching circuit design.



CHAPTER 11

HETEROJUNCTION BIPOLAR TRANSISTOR

2.1.0 What is a HBT?

A typical HBT consists of a minimum of five epitaxial layers. The cross-sectional
schematic diagram is shown in Figure 2.1(a). The emitter layer is comprised of an “emit-
ter-cap” layer and a wide band-gap emitter layer underneath. The cap layer is used to
make low-resistivity ohmic contacts to the emitter. This layer often consists of high-con-
ductivity GaAs with a thin layer of AlGaAs, the composition of which is gradually
changed to match that of the cap and wide band-gap emitter layers. The wide band-gap
emitter layer is Al,Ga;_,As with x-value of about 0.3. The doping and thickness of this
layer are chosen to minimize the emitter resistance and emitter-base capcitance while

maximizing reverse breakdown voltage.

The base layer of HBTs is usually very heavily doped to minimize the base resis-
tance and hence improve the device power gain. Typically, a base layer of 0.1um and a
doping concentration of 1 x 10"%cm™ are used for device designed for X-band (8-12
GHz) operation. Higher frequency operation requires somewhat thinner layers with dop-
ing concentrations up to ! x 10%cm ™. The carrier transit time through the base can be
improved by either reducing the thickness of the base layer or compositionally grading the

base layer.
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FIGURE 2.1 (a) Schematic cross-section view of a N-p-n HBT structure; (b) Band diagram with a
wide-gap emitter.
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The design of the collector Jayer critically influences the power potential of devices.

The main consideration for this layer is the collector transit time delay and breakdown
voltage requirements. A thicker layer will improve the breakdown voltage of the base-
collector junction, but introduces a proportionally longer transit time delay. Jn most power
devices, carriers move through the collector at their scatter-limited velocities because very
large electrical fields are sustained in this layer. Larger velocities can be realized by so-
called ballistic collector transistor (BCT) technology, in which the doping profile of the
collector is modified to lower the electric field over a large portion of the collector such that
electrons entering the collector layer can be maintained in the higher mobility lower valley
during most of the collector-layer transit time. One way to achieve this modificatjon is to
use p~ collectors with a p* pulse-doped layer near the subcollector?®. We did not examine

this kind of structures.

Since the devices fabricated on semi-insulating (SI) substrates take best advantage
of the GaAs technology and provide greater design flexibility in both device and circuit

designs, most HBT-based ICs are now fabricated by using SI substrates.

To begin, let's first take a Jook at the energy band diagram of an N-p-n HBT biased
in its forward active mode, as shown in Figure 2.1(b). The big N here denotes wider band-
gap zone. This diagram is featured by a wide-gap emitter, and the smoothly changed band
edges at the emitter-base interface are assuming that the emitter junction has been graded

sufficiently to obliterate any band edge discontinuity in that region.

As shown in Figure 2.1(b), there are several current paths in the transistor. They are
basically two 1njection-related dc currents and two recombination currents if we neglect the
capacitive currents that accompany any voltage changes, the surface recombination
current, and the hole-electron generation currents in the collector depletion layer or the

collector body. The two injection-related currents are:



(a) Electron current /, injected from the emitter into the base;
(b) Hole current 7 ) injected from the base into the emitter;
and the two recombination currents are:

(¢) Recombination current / due to electron-hole recombination within the forward

bjased emitter-base space charge region.
(d) 1,, a small part of /,, is lost in base due to bulk recombination.
The three terminal currents can be written out in terms of these current components:
Emitter current 7, = I+ 1,+1
Collector current I, = 1, - I,
Base current [, = L+ 1+ 1
The current gain for a bipolar transistor can therefore be expressed as:

g el bl

I, - I+ 0+ L

g (2.1)

]n
< J—
I
where B 1s the highest possible value of B in the case of neglecting recombination

currents. Through the discussion of B one can see how a heterojunction transistor

works.

Toestimate B, a prototype diffusion model is used here as in ref.[24], in which
emitter and base are assumed upiformly doped to levels N, and P, and the height of the
potential energy barriers for electrons and holes at the emitter-base interface are denoted
with gV, and ¢V, as shown in Figure 2.1(b). One may then write the electron and hole

injection current densities as follows:
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J

n

N, exp(~qV, 1k 2.2)

Jp = vapeexP("qu 1kT) (2.3)

where v, and Vpe are the mean drift velocities of electrons at the emitter-end of the base,

and of holes at the base-end of the emitter, respectively.

In writing (2.2) and (2.3), it has been implicitly assumed that both the emitter and
base as nondegenerate. Therefore simple Bolizman factors apply. This assumption might
not be true for the base layer in a HBT. It may need small corrections in that case but, for

simplicity, we neglect them here.

We are only interested in the ratio of the two currents. In the case of a wide-gap

emitter, the gap difference between emitter and base is given by:

AE, = q(V,-V) (2.4)
We thus obtain:
7 N v
n e "nb
= — = —— AE 2.5
l3ma.,\c [p Pb vpe exP( g /kT) (2:3)

For a good transistor, normally 8, > 100. Since the ratio v,/ v, 1 fixed at a

range from 5 to 50, to achieve B 2 100, there are two options available that either to

max

make N, » P, or AE, is at Jeast a few kTs.

In a homojunction device, high current gain is attained typically by constructing a
very high doping density emiiter such that N, » P, but this limits the ultimate thickness of
the base due to eventual punch-through effects. Thicker base entails longer base transit
time, and lower base doping causes higher base resistance. These two factors severely
inhibit the switching speed. Even worse, highly doped emitter (typically beginning at a
doping level N, - 10" cm‘B) brings about an emutter-gap shrinkage, which produces a
negative effect on raising current gain, according to (2.5), reducing the ratio I/1, by a

3

factor ¢ - 1/20 at doping level N, ~ 10” cm™. As a result, it is as if the emitter were
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doped only to 5 x 10" cm™ without gap shrinkage?>.

In heterostructure transistors, however, these drawbacks are completely eliminated
because it makes possible now to take advantages of the exponential term presented in
(2.5), which is much more sensitive in affecting current gain than the doping ratio. By
selecting an appropriate material, an energy gap difference that is many times k7 can be
readily obtained such that very high injection efficiency can be achieved almost regardless
of the doping issue. This major change enables us to turn around the hole injection current
7, to an immaterial position compared to the two recombination currents: 7. and J,.
Furthermore, notice that I «/ , and I «/, are basically true in a properly designed

heterostructure transistor, we have now:

In
B = 'Z: (2.6)
The bulk recombination current density can be written as
gn,(0y W
]r = e—é 2.7
21

n
if a short base is assumed. Here n, (0) is the injected electron concentration at the emitter
end of the base, Wy 1§ the base width, and T, is the average electron lifetime in the base.

Upon the substitution of (2.2) and (2.7) in (2.6), we obtain

vnbtn

B =
2Wg

(2.8)

In the above expression, lifetime t, is the only factor that refers B to the base

doping through its doping level dependence.

Although the electron lifetime may be very short in the case of heavy base doping,
high B is still achievable with a sufficiently thin base region. As an example, assume

Wy = 10004, and V= 107 cm - s"l, which are reachable under a very strong electron



12
field, due to the effect of high electron concentration gradient. In this case, even for a
lifetime as short as 10_95, this would lead to B = 103, a value beyond the capability of a

conventional silicon bipolar transistor.

Although high B -values may be preferred in photo-transistors, however, in general
they are not the most favored issues for other applications. Therefore, the principal benefit
of heterostructures lies by no means in high current gain ability rather than the trade-offs in
achieving very high base doping. In fact, almost all the advantages that a wide-gap emitter
HBT can offer somebhow benefit from the high base doping, as can be seen clearer in the

following sections.

2.2.0 Figures of Merit

2.2.1 Microwave Transistors

As mentioned earlier, HBT has its successful application as a microwave (ransistor.
Ladd and Faucht > have given a detail analysis of microwave transistor behavior by using

the maximum oscillation frequency f, _as the figure of merit, which can be approximately

max

written in the form:

fi

Tmax = \gar,C @9

c

where r, is the effective base resistance, C . 18 the effective collector-base capacitance, and
f, 15 the frequency at which the common emitter current gain becomes unity, which can be

expressed further as

fi= 12, (L+v)] (2.10)

where v is the excess phase factor associated with the graded base doping. The delay time
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T, can be written as:

1 =1

cc b+l’£+‘€

o)
det T, 2.11)

where
T, = base transit time,

T =rC

. ¢Cj time constant for charging emitter capacitance,

1, = the effective collector-base depletion layer transit time,

d

and
1, =the RC tme constant for charging the collector capacitance.

fonax 18 the most appropriate figure of merit for broad-band applications, which is
defined as the frequency at which the unilateral power gain of the transistor becomes unity.
Therefore it is also called the unity power gain. The unilateral power gain is the maximum
available power gain of the transistor when the reverse gain is zero, and is independent of

the terminal configuration.

In the expression (2.10), the most sensitive factors affecting f, _ are the total
emitter-to-collector delay time and the base-resistance-collector-capacitance time constant

r, C.. We’ll discuss them one after one by following the ref.|3], [24] and [26].

Base Transit Time

The base transit time t, is defined as Qp//- according to the charge control
concept. For a uniform base doping, and considering a background constant electron
concentration (for n-p-n transistor) existing in the neutral base caused by the velocity

saturated carrier concentration extended from the collector depletion region (x,.) to the
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base region, the base transit time can be written as:

Wy W,
T, = + — (2.12)
b 2Dn vsal

where Wy is the base width, D, is the diffusion constant of minority carners in the base,

and v, is the saturation velocity in the base-collector depletion region.

In the case of HBTs, base doping is increased to a very high level in order to keep
a lower base resistance. Meanwhile, a sufficient thin base is achieved for a shorter base
transit time, both of them benefiting a larger f, . Since D, decreases as the base doping
increases, however, it turns out that t, will increase as r, is lowered by raising the doping
density of base if Wp is kept constant. In fact, r, js much more important than T, in

determining f,, .. because in general T, is only about 10 to 15 percent of z, . This leads to

nax
a consideration that there exists an optimum value of base doping level P, at a particular

value of W for an optimum £,

lax.

Since increasing P, causes only a slight increase in z, _,
the optimum base doping level of a heterojunction transistor will be virtually limited by
solid solubility consideration without introducing secondary effects.The value of 7, thus
obtained will be larger than the shortest t, which could be obtained by arbitrarily reducing

Wy and increasing D to the device limit.

Collector Time Constant
The time constant ©_ is given by

T, = r.C; (2.13)
where r, is the ohmic resistance of the epi-substrate, and C; is the inner collector transi-
tion region capacitance. In calculating r, and C,, the area is that of the emitter stripes, i.e.,

the active area of the device. C; is different from C_ in that the latter is comprised of the
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parasitic capacitance of the collector junction associated with the remaining device area.

The collector depletion region transit time is given by

X
T, = =2 (2.14)

where x, is the width of collector depletion region and v, is the saturation velocity in
the collector. The factor 2 accounts for the effect of the drift limited flow of carriers across

the depletion region3‘ 26,27,

Emitter Time Constant
The emitter time delay 1 i$ defined by

1, =rC. (2.15)

e e je
where the differential emitter resistance r, is kT/ql,, C,, is the emitter-base junction
capacitance, and the series resistance of the emitter bulk is neglected. An intuitive infer-
ence which can be drawn from the above equatjon is that this time constant may be largely

reduced by operating the transistor under a higher current density condition.

The calculation of C;, may use the formula for an abrupt junction with one side
heavily doped. Since the emitter doping is now dropped far below the base doping, the
emitter capacitance of the transistor then depends principally on the emitter doping,

roughly as:

172
C,= N, (2.16)
Evidently the lower emitter doping, the larger reduction in emitter capacitance can
be obtained. This reduction will improve the speed, but it is not the key step because this

time delay is only one of several delays. The true significance of the reduction of the
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capacitance per unit area lies in two different facts. First, it permits an increase in capaci-
tive emitter area in the Inverted transistor design, which has important applications in inte-
grated-injection logic (I2L), without increase in total emitter capacitance. Second, in the
case of HBTs, for small-signal microwave amplifications, a reduction in emitter capaci-

tance will improve the noise figure significantly.

rpC, Time Constant

Inspection of the f, _ expression (2.9) shows that this time constant has a large

max
effect. The most important single change made possible by a wide-gap emitter 1$ a major
reduction in base resistance due to a drastic increase in base doping, but this is only a part
of the base resistance underneath the emitter area. The external base resistance (between
the emiiter edge and the base contact) had been a problem for a long time, due to the thin
outer base caused by the emitter island design that popularly used in current HBT technol-
ogy. In today's HBT technology, the total base resistance reduction has been made possi-
ble by the development of various self-aligned processing tcchnologieszs'w, which

largely shortens the lateral separation between the base and the emitter metallization. Fur-

ther improvements in this aspect are expected as the HBT technology matures.

The parasitic capacitance between the extrinsic base metallization region and the
underlying collector was another drawback of the planar technology for HBTs. As the ver-
tical dimension of the device is reduced to achieve shorter transit time, the collector-to-
base feedback capacitance increases rapidly, and this limits the power gain of the device.
Use of buried oxygen jmplantation between outer base and collector’! significantly
reduces the feedback capacitance (see Figure 2.1(a)), and the figure of merit f,

improves accordingly.

Calculation of the r,C, product is relatively straightforward if the base contact
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resistance does not have to be taken into account. For uniform current density over the

emitter stripe area, the r, formula is given by

.17

where p _ is the sheet resistance of the p* base layer under the emitter, S zp I8 the gap
region between the emitter and the base metallization, and [, is the emitter stripe length.

The collector capacitance 1s simply

eA

cC = _°¢ (2.18)

c
xdc

when the wafer parasitics are neglected.

As considering the effect of distributed outer base resistance and base-collector
capacitance between the emitter and base metallization, the calculation of r,C_ 1s some-

what involved. We’ll leave this in Chapter 111 for further discussions.

2.2.2 Digital Switching Transistors

While f_ . is an appropriate figure of merit of speed limitation for srnall-signal
microwave applications, it is not directly usable to define switching speed limitations of a
digital device. The switching speed of a circuit is related to the active device parameters,
mode of operation, values of the passive elements, and dependent on the circuit itself. No
standard measure for switching time had been agreed upon unti! the conception of delay
figure was defined by K. G. Ashar’® in his effort to find a simple method of estimating
delay in a switching network, which is still most popularly used as the figure of merit of a
switching transistor. According to Ashar, the delay D of a linear network is the average

time by which the response of the delta function input is delayed, which can be finally
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expressed in the form

_a
ds
F(s)

s=0

F(s)

D = (2.19)

where F (s) i1s the transfer function of the network. For a switching circuit with a few
time constants, the time average D appropriately gives switching delay plus 50 percent of
the rise time, which is basically equivalent to the conception of a propagation delay time
used in today’s industry. The success of Ashar’s method lies in its capability to character-
ize the switching speed of a relatively complicated network in a simple way without the
necessity of solving the complete network equations, and of course, in the price of sacri-
ficing some accuracy due to approximations. Based on Ashar’s analysis of a two-transistor
circuit, Dumke modified the results to be suitable for the case of HBTs. Dumke’s modifi-
cation simply consists of the assumption that the load resistance must be large enough to
develop a potential change equal to the required emitter swing AV on the next stag624.
Therefore we have R, = AV/I = Rp, where I is the current that is switched to. Making
the appropriate subsfitutions in Ashar’s expression yields the estimation of the switching
time of a HBT as>>
5 r

T = 5l R{‘zﬁ BC+CP R, (2:20)

where r, is the base resistance, C. is the collector capacitance, T, the base transit time,
R, and C, are load resistance and capacitance of the circuit, respectively. The importance
of the Ashar-Dumke result is that it indicates the relative significance of the most impor-
tant transjstor parameters. For example, from the above equation one can see r), is even
more effective in a digital switching transistor than in a microwave transistor, since two of

the three terms in (2.20) depend linearly on r, rather than with the square root as does

f;nax'
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2.3.0 Graded and Abrupt Emitter Junctions

In Figure 2.1(b), we have seen that the band edges at emitter-base interface vary
smoothly and monotonically based on the assumption that the emitter-base junction is
completely graded. It will not be the case, however, if no appropriate measure has been
taken. Instead, the current epitaxial technology tends to produce abrupt junction at emitter-
base interface in which band edge discontinvities are present due to the different affinities
in emitter and base regions. In the case of a wide-gap emitter, this leads to the *spike-and-
notch” energy band structure shown in Figure 2.2. The potential spike projects above the
conductance band in the neutral base region, forming a potential barrier of net height
A E . This barrier 18 often considered as an undesirable feature that leads to the accompa-
nying increase of the order AEq in required emitter-base forward bias voltage to yield a
given current density. The more severe drawback, on the other hand, 1s that the ratio J,/J p
1s drastically reduced due to the presence of the potential barrier A E 4, from the value in

(2.5), by a factor of exp (-AEp/kT) . Instead of (2.5), we now have24: 34

q(V,-V) = AE, - AEg=~AEy (2.21)

The last equality is appropriately equal if one assume the notch depth is small
compared to kT, in which case AEy = AE . Here AE - and A E,, represent the conduc-
tion and valence band discontinuities. This assumption is true because the notch is quite

shallow due to the Jow emitter-to-base doping ratio expected in HBTs. Therefore, we

obtain
I, N,V
P = £ Pexp(AE, /KT (2.22)
_[p max Pb vpe
If the valence band discontinuity is sufficiently large, a major improvement
remains. Unfortunately, in the AlGaAs/GaAs system which is of current interest, the
valence band discontinuity is quite small, AE,, = O.ISAEg 35, and the reduction of the

spike by grading is thus essential.
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One compensation for the disadvantages of the spike is its ballistic effect, which

acts as 1f the electrons are injected into the base from a “ballistic launching ramp”. This
will result in a highly efficient and very high speed transport through the base because the
polar optical photon-scattering, the dominant scattering process in HI-V compounds,

would not be able to stop it effectively.

As for the notch, it is a highly undesirable effect because a notch will collect
injected electrons and therefore enhance recombination loses. Hence it would be desirable

to eliminate it altogether.

FIGURE 2.2 Band structure of an abrupt wide-gap emitter, showing the spike barrier and the
accompanying electron trapping notch.

2.4.0 Cacrier Transport in HBT Structure

For a graded emitter-base junction HBT, the carrier transport mechanism is essen-

tially similar to a BJT. In the case of N-p-n structure, electrons are injected across the
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emitter-base junction from emitter area to base region if the junction is forward-biased.
The injected electrons will travel through the p* base region by drift and diffusion process,
and then sweep rapidly through the base-collector space charge region and into the n-type
collector region. Since the latter process is very fast under the action of a high electric
field across the reverse-biased base-collector junction, electrons are stored in the base

region In the transport process due to their finite effective velocity.

There are maialy three kinds of recombination process, which are space charge
region (SCR) recombination, neutral base recombination, and surface recombination. B.
R. Rynum and I. M. Abdel-Motaleb!® have taken the effect of interface recombination
into consideration, which used to be neglected by most of the published models. Also in
the same paper, they claimed that surface recombination has a more significant contribu-
tion than SCR recombination, specially for smaller emitter structure, and this effect is thus
called the “emitter-size” effect. The interface recombination current in the vicinity of the
graded composition region was found to dominate other components. This explanation
supports the claim that the rapid decrease of current gain occurs at the lower collector cur-

rent end.

Although a detailed drift-and-diffusion theory of the minority-carrier transport in
HBTs has been presented by A. Marty et al.'" in 1979, it essentially applies only to the
graded HBT case. A number of papersl3‘]7 have pointed out that the correct mechanism
of transport across an abrupt heterointerface is thermionic emission. Based on this
assumption, a new boundary condition for pn heterojunctions was obtained by balancing
the thermionic emission flux of carriers by the diffusion flux at the edge of the SCR!3, and
the models of Ebers-Moll and Gummel-Poon types were developed subsequently'4'l5 n

an effort to improve the theory applicable to either the case of abrupt HBTS, or to the limit,

the case of graded ones.
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In conclusion, HBT is featured with a wide-gap emitter, which provides one with

the freedom of raising the base doping level to achieve a low spreading base resistance
and a thin base layer thickness simultaneously. Comparing with its homojunction compet-
itors, HBT finds its most widespread applications in microwave and millimeter-wave fre-
quency range. Also, it has obvious advantages over GaAs FETs and HEMTs in many
aspects. As a good figure of merit, maximum oscillation frequency f  is used to charac-
terize the microwave behavior of HBTs while propagation time delay concept was defined
for the digital switching transistors. For AlGaAs/GaAs system HBTs, it was found that a
graded emitter junction is essential for the reduction of the spike caused by the conduction

band edge discontinuities.



CHAPTER 11I

DEVICE MODEL

3.1.0 Low-Frequency T-Model and Hybrid- © Model

The most useful equivalent network models for small-signal bipolar transistor
amplifier are T-model] and hybrid-n model. One may tend to use one of them in certain
cases for convenience but essentially they are equivalent. The small-signal T-model,
which was initially developed for modeling common-base configuration network, can be
obtained from the large-signal Ebers-Moll (EM) model, as explained by Bar-Lev?0. In the
active region, and at low frequencies the large-signal EM model will degenerate to the
form of Fig. 3.1(a), where the small internal capacitances and base spreading resistance

ryep, are neglected.

In the case of small signals, the low frequency common-base (CB) model further
changes into the form of Fig. 3.1(b), in which the forward-biased emitter-base diode D 18

replaced by its differential resistance r,, which can be represented by:

- = L =_= 3.DH

1
r€

The . I current source can be replaced by jts small-signal equivalent o.i,, where

i, 18 the a.c. component of I and o is defined as:

di,

o = —

(3.2)

VCB

23
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The resistance r, represents the slope of the 7.~V -5 characteristics and is defined

] dle
r.— dv

(3.3)
CBl;,

It can be seen here that r_ contains the effects of base-width modulation. An addi-
tional effect due to the V-, change is that there must be a change in V, if I keeps con-
stant. But this is exactly the definition of 4 ,,:

Vi

Ry = —
126
Yy

(3.4)

(=0 Ie
where h,,, represents the reverse voltage transfer ratio in CB connection. To add #,,, to
the model of Fig. 3.1(b), it is necessary to include a controlled voltage source

hy5p,AV g = hyy,V, in the input circuit.

uFIE o
lc
() ()
" \_/ Lo, N
>t — S —
E ¢ g C
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K™ NV
A ]b rc
B B

(a) (b)

FIGURE 3.1 (a) Active mode large-signal EM model; (b) Small-signal representation of (a)
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A complete T-model] equivalent circuit for CB configuration is drawn in Fig. 3.2,

which is adaptable to a wide range of frequencies. In Fig. 3.2, C , is diffusion capacitance,
appearing only in the emitter junction, which is forward biased, while the depletion-layer
capacitance C, appears in the collector. C e 1s also kind of depletion capacitance, but is
only a week function of 7 here. In a transistor with uniformly doped base, C e 1s much
smaller than C, while in a transistor with a drift field jn the base, C, may reduce to the

order of Cj(3 or lower.

i B — — Y
o miys
| © |

| .
o i
vy l Cd Cje + CD 0" ¢ re __Ccl v,
| hi2pv; |
o .
- - s _ ]
To'b
B

FIGURE 3.2 The complete CB model

The y parameters of the two-port network enclosed by the dashed box in Fig.3.2

can be written easily by using their definitions:

=~ Hjo(C+C)y) (3.5)
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o = f) oy
126 — 3 -
vl _ v, (3.6)
b %y
Yap = R
1 v, =0 ¢ 3.7
ir| O..h
2| 1 0’126,
Yap = 5| =t +jol, (3.8)
2'\)1 =0 c e

It should be noticed that the current source 0., in Fig. 3.1(b) is replaced by oz,
in Fig. 3.2, which means the current source is controlled only by the part of i, that flows
through r,. If we continue using the total emitter current i, (which js more convenient),
we can define an effective o as follows:
0L()ie

= = 3.9
ole 1+jor, (C,+Cp) He G

we can also define an ®_ as:

1
= — 3.10
Ca= 5 (C,+Cp 319

where o  is called the half-power frequency because the power amplification is reduced to

half the low-frequency value when ® = © . The effective o is then given by

O

a -
l1+jo/0,

(3.11)

This model represents the bipolar transistor very well so long as the base transition
time T, is much shorter than the period T of the amplified signal. At higher frequencies an
appreciable phase shift T, may appear between the electron current at its point of iyjec-
tion into the base, and at the point where it leaves the base. The ratio of the electron cur-
rents at those two points is the base transport factor b which now becomes a complex

function of the frequency. This function has an infinite number of poles along the negative

real axis. The first and most significant one is at ® = Q,. The expression (3.11) is there-
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fore just a single-pole approximation to the correct form of o. The neglected, far poles
have little effect on the magnitude of o but add a significant phase shift to it. A better

approximation, therefore, for the effective o includes an additional phase shift factor:

Opexp (-jmo /o)
— (3.12)

1+jo/o,
where m = (0.2 for a uniform base junction transistor, but is much larger and may be as
high as 1 for the transistor with high impurity gradients in their bases. Further discussion
about common-base current gain o is left to the section 3.3, where the high frequency

model case is discussed.

The models of Fig. 3.1(b) or Fig. 3.2 can be used for any transistor configuration.
They can represent a common-emitter (CE) connection just by drawn sidewise. But using
them this way is inconvenient since the internal source should be controlled by the input,

which is i, now rather than i,

A more convenient model for CE configuration, which is known as the hybrid-7
model of the bipolar transistor, can be derived from the previous CB T-model, by simply

transforming the y, to y, parameters of the CE connection as follows:

(1-ay) (1 =nyy)

Yo, = 5y, = - +—+j0(C+ C .+ Cy (3.13)
I c
L-o, 1.
Yize = TVi2p ™ Yoop T T hl2b_r_ —-joC, (3.14)
e c

o (T =hp)

Yare = “Yap TV T T T —-joC, (3.15)
& C
1 %My
Y22e = Y220 T + ; +joC, (3.16)
¢ e

Fig. 3.3 shows the complete hybrid-n model, in which the values of the various

components can be represented as follows
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v
€
= 17
' 1 - o (17
Cr=C,+Cy (3.18)
r}l =7, (3.19)
C}l = C, (3.20)
o
0
EmVbe = 3.21)
&
h
gy = 12 (3.22)

It can be easily verified that these values satisfy a general two-port network repre-

sentation described by its y parameters36.
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FIGURE 3.3 The hybrid- T model

The big advantages of CE model is that all its constituents are simple resistors or

capacitors whose frequency behaviors are known. It can represent the transistor in a wide
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range of frequencies. The very high frequency case will be discussed further later.

On the other hand, the low-frequency small-signal hybrid-nt model can also be

obtained directly from EM model®’. The elements are given by

B
Fe = - (3.23)
EmF
§
Ty = S (3.24)
ng
Cr = Emrtp Tt Cje (Vg (3.25)
Cu = 8mrTr+ Cie (Vi) (3.26)

where B p and B  are the large-signal forward and reverse current gains of a CE transistor
respectively, g, - 15 the forward transconductance, and g, p is the reverse transconduc-
tance. T, is the total forward transit time, and Te is for the reverse case. Cje and Cjc
denote two junction capacitors for the base-emitter junction and the base-collector junc-
tion, respectively. In the normal region of operation, g, . is essentially zero, so that resis-

tance r, can be regarded as infinite and capacitance C\, = C; (V) .

3.2.0 Charge-Control Model

The charge-control concept is a simple and useful one that celates the base stored
charge to the terminal currents. The concept was introduced by Sparks and Beaufoy38‘ 3
in the analysis of the relationship between the currents flowing through the neutral base
and the excess minority carrier charge stored in this region. It was found that the ratio

Qpg/I- 1s a fundamental parameter of a transistor, and since it has a dimension of time

constant, it was defined as the neutral base region carrier transit time T, .
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T, = % = ﬁ (3.27)
i 2D,

where Wy 18 the effective base width, and D, is the electron diffusion constant in the

base. In the case of considenng the effect of finite saturated velocity v, caused by the

high-field in the base-collector space charge region, which is usually true for HBTs, the

base transit time can be corrected as

(3.28)
The recombination base current can be obtained by defining another time constant

T, such that
Ig = —= (3.29)

where T represents the average electron lifetime in the base due to the effect of base

recombination. Since BF = I~ /1y, we have

A

Br = (3.30)

S
o s

(3.30) tells us that to obtain a high value of B, a transistor must be designed to

achieve a large ratio of minority carrier lifetime to base transit time.

Charge control model is a more fundamental description of the transistor than it
being represented as a current control source. Assume an “ideal” transistor without minor-
ity carrier recombination either in the base or the emitter and in which the extrinsic base
resistance is zero. One could “turn on” this transistor by discharging a capacitor, then an
amount of lossless Qp could inject into the base region and a steady emitter-collector cur-
rent would then flow until the base charge was removed. Such an ideal transistor would
draw no base current, and base current control of the collector current would not be possi-

ble. It 18 only as a result of “imperfections” in the transistor that current control becomes a
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practical possibility. Therefore (3.29) indicates that it becomes necessary to supply a

steady current to the base region in order to maintain the level of Q.

In a transient case, 7y not only provides the recombination current and the back
injection current but also reflects the change rate of the minority carriers Qp stored in the
neutral base region, which evidently is different from its normal value of (3.29). The

behavior can be expressed as follows

Qp (1) dOg
] = — 3.31
g (1) T, N, 63D
A corresponding expression for the collector current is
. Qp ()
(1) = p (3.32)

From (3.31) and (3.32), the rise time ¢, required for the collector current in a sim-

ple CE amplifier, starting from zero to reach, say 90 per cent of its final value /- can be

estimated as follows40

Bplp—0.14¢

t =1 In €
r = R 7, =001,

= 2.2’{" (3.33)

By combining (3.31) and (3.32), we have

ip=1ip(1) +ig(r)
_ () Q2(n do, (3:34)

T, T, d1

Fig. 3.4 (a) shows the equivalent circuit that represents the simple charge-control
model. Note Qp is a nonlinear function of Vg, and the excess minority carrier base

charge 1s represented as stored on a nonlinear capacitor.
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FIGURE 3.4 (a) Simple charge-control model; (b) Charge-control model in forward active mode
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Taking account of the junction capacitance charging effects and ignoring the injec-
tion from the collector, the charge-control equations in forward active mode can be

expressed as follows:

40, Q0 _.dv
ip=-—-t_ ¢ (3.35)
dt T, Jedt
On __dV
.= 2_C 5 (3.36)
T, Jedt
0, d0, __ dV,. __dv
iB=_B+_B+c»_BE —__BC (3.37)
T at Jedy jedy

where V- and Vg - represent the emitter -base and base-collector time-dependent volt-
ages, T, is the effective base recombination time, T, is the base carrier transit time and
i
1

.-
= (—+ — 3.38
% () (3.38)

Because the junction capacitances are voltage dependant, their averages (indicated

by C,, and c_jc) are used. The Eqns. (3.35) — (3.37) are modeled in Fig. 3.4 (b)

So far we have discussed several different models. Ebers-Moll model and charge-
control model are valid for all ranges of bias. The latter is specially useful for transient
analysis of transistors. T-model and hybrid-n model are small-signal models for use only
In the region of active bias. Since these models have regions of overlapping validity, a
series of relationships between their parameters can be expressed. For example, the EM

parameters o, is related to the charge-control parameter T, and 7, by

T
n

O, = 3
For 41 (339
n b

A similar relationship can also be found between reverse-active-mode parameters.
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3.3.0 High-Frequency Transistor model

To consider the high-frequency behavior of HBTS, one has to deal with the base
region continuity cquation“. Assuming that a small-signal sinusoidal voltage excitation

v, 18 applied between the emitter and base, we have

V() = Vegt+v,exp (jor) (3.40)

For n-p-n transistor, the continuity equation is written as follows:

on h—=ng 3%
n - tPhes

n

(3.41)

In this equation, the built-in electric field in the base region has been neglected. To

solve (3.41), we substitute for n (x)

n(x) = ny (x) +n,.exp(jor) (3.42)

in which n 4. (x) satisfies the dc diffusion equation

a2ndc Nge =My
_ =0 (3.43)

n~ 2
ox T

n

Substituting (3.42) into (3.41), and collecting the ac terms yields

aznac nac
5 = — (3.44)

ax (L,")

where
L b
.= (3.45)
(1+jot1) V2

and

L,= /D1, (3.46)

Considenng the saturated velocity effect, the appropriate small-signal boundary
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conditions can be written as

av.p
Macl _o = 74c(0) ?;_ (3.47)
qVep
nac|x: W, Mo (3.48)

where n, (0) = 10 €XP (qVpp /kT), Ny 1s the base electron density at emitter side in

the equilibrium, and

J

c

n, = (3.49)
qua:

n,. 1s the velocity saturated carrier concentration in the collector depletion region.

n,, can be obtained by solving (3.44).

We/L'

n(x) = qveb{ n, (0) ndc(o) e’ -n0:|eX/Ln/
=_ 4 - _ .

ac kT ¢ 2sinh (Wp /L") 1o

W, /L’ (3.50)

n,.(0)e M. —x/L)

2sinh (W, /L) I

The emitter and the collector small-signal currents can be expressed in the follow-

Ing manner:

i, = aD,A A, (%)

x=0
’ 3.51
_ 4D,A, v,y ng (0)cosh (Wy /L) —n, 33D
L7 “FT sinh (Wy /L)
o= =aDA S, (0, _y
(3.52)

gD, A, qVv,, 14 (0) —n_cosh (Wg /L)
C kT kT sinh (W, /L)
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Starting with these results, one can calculate the high-frequency common-base
current gain o, the high-frequency transconductance g,, and the high-frequency com-
mon-emitter admittances y,,, and y,,,. It is a straightforward but cumbersome task. For
simplicity, M. B. Das solved this problem in two stepslg‘ 26, 42-44 First, he obtained the
base region minority carrier concentration and the two-port admittance parameters of the
intrinsic HBT under the assumption of infinity carrier velocity through the collector deple-
tion layer. Then the effects of the excess base region stored charge, and that in the collec-
tor-base depletion region are reconsidered, and added to obtain the overall forward

transfer admittance yéle of intrinsic device as follows

—jo(k,T, . /s 1
e Kt/ 50) —jor, SID(OT,/2) gen 12y

{
= _— 3.53
Yile = En Ty Got,, T5g) ¢ ot 12 ¢ G->3)
W> W
bere kn~0.61 sq=~4.79 =B - 8B = 245 4nd x, s the thick
wpere 0= V. ,SO~ R \’Cbo = ﬁ»’tbs = v—-*,'fcs = ’,aﬂ xdc 1S € 1ICKness
n sat Sa

of the base-collector depletion region.

The common-emitter input admittance y’11 . can be expressed in terms of the com-

mon-emitter transadmittance y5,, and the common-base input admittance in this way

i i
Yite Vb~ Y216 (3.54)
By using a series expansion of yéle, and neglecting the second and higher order

terms in ®, finally we have

(1-0ty)

yllle :g)n +J(Dgpn1:le£ (355)

0

i
whete T, = T,,+7, + (1. /2).

(3.55) can be used to construct a high-frequency equivalent circuit mode] for the

intrinsic HBT, which is shown in Fig. 3.5 (a).
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3.4.0 The Complete Equivalent Network Model

At high frequencies, the impacts of the parasitic resistances and capacitances on
the characteristics of HBTs can not be neglected. A complete equivalent circuit mode] of
HBTs must include the parasitic RC network so as to be able to characterize the transistor
more accurately. Among them, two of the most important ones are base resistance and col-
lector capacitance. As mentioned in the previous chapter, the base-resistance-collector-
capacitance time constant can affect the frequency response significantly. On the other
hand, the potential drop on the base resistance will modify the internal emitter-base bias.
This modulation, though very small, will cause a large difference due to the exponential

diode relationship between /, and V.

To model the parasitic RC network in HBTs, a lumped equivalent circuit model
shown in Fig. 3.5 (b) can be used if it is satisfied with the condition that the sizes of the
emitter and base stripe widths and lengths are much less than the signal wavelength in the
device, as is the case assumed here. Following Das’ analysislg, the base resistance 1s com-
prised of three components, namely, the spreading base resistance under the emitter, the
resistance between the emitter and base metal stripe, and the transfer resistance under the

ohmic contact. The overall base resistance can thus be written as

where
pblSE
Yy = A
12W,L,
, _ pb_cSEb'
bt = TA7
2L,

Ty =
2L,

(3.57)

where p,, is the intrinsic base region resistivity, p, 1s the sheet resistance of the extrinsic
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base layer between the emitter and base contacts, and p, ., is the same under the ohmic

contact. The transfer length L is obtained from

L% = (p,/py) (3.58)

where p_ is the ohmic contact resistivity.

The loss element r,  of Fig. 3.5 (b) represents the base contact resistance, and is

given as

2
r.(base) Py, (AL
Tho T T35, T 2.5, G2

where r_ (base) 1s the base contact resistivity and At 1s the thickness of the implanted
Jayer (see Fig. 2.1 (a)). The dimensional parameters S and L are the emitter stripe width
and length, respectively. Sy is the base metallization stripe width, and S, refers to the

gap between the emitter and the base metallization.

Note that the base resistance can not be calculated in a straightforward way for
ohmic drop because of the current crowding effect, which means that the density of
injected-electron current has its highest value along the emitter periphery while a mini-
mum at the center of the emitter®. This phenomenon is caused by the fact that the poten-
tial dropped on the base spreading resistance along the lateral base region decreases the
emitter-base bias along the same path. Therefore the base current decreases continuously
as one moves toward the center line of the emitter. This current crowding toward the
periphery of the emitter increases with bias and causes localized heating and high-injec-
tion effects at relatively low current level because of the uneven current density across the
active region. In HBTs, the high base doping minimizes the current crowding effect but it
can not be avoided completely. Therefore, in order to reduce base resistance and enhance
the high-current capability, power transistors are made with interdigitated pattern for base

and emitter contacts, which gives rise of a high perimeter-to-area ratio.



39

As with the base resistance, the collector capacitance is also dissected into several
component parts. The elements C,.. and C, represent capacitances directly under the
emitter stripe and that under the base-emitter gap, respectively. These can be represented
by the T-networks as shown o Fig. 3.5 (b). The capacitance between the base metalliza-
tion and the collector is represented by C,, . The applicable analytical expressions for the

component capacitance values are

LgS e
Chp = — £ (3.60)
de
2L .S, 06
E
c., = x—“’ (3.61)
dc
- 2eLpSy
P v 3.62
cxo X0, ( )

where x, and x,_, represent the depletion width of the collector-base junction directly

under the emitter stripe Sg, and directly under the base-emitter space S, respectively.

In view of the distributed nature of the base-collector RC network, an effective
base-collector RC time constant can be defined in the following way (considering that the

various collector capacitance charging current flow toward the external base)

FppCo = Cb’c(%rb’ +ry trp,) +C (%rbl +7rp2) (3.63)

At this point, we will be able to construct the complete equivalent network model

based on the various intrinsic and extrinsic device and small-signal circuit characteristics
as discussed above. In the network shown in Fig. 3.5 (c), the distributed base-collector
capacitance 1s simplified by splitting it into two parts, one is an inner effective capacitance
C, and the other an outer effective capacitance C,_ keeping the total base resistance as a
single lumped element. The effective capacitance C. can be readily obtained from (3.63),

and Cb R follows from

Cpe = (CpotCoyt Cppp) = C, (3.64)

cxo
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FIGURE 3.5 (a) High-frequency CE HBT internal equivalent network model; (b) Parasitic
network model; (c¢) The complete high-frequency HBT equivalent network model.
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Following the discussion given in the previous and current sections, the small-sig-

nal T equivalent circuit for HBTs can also be obtained, including the output conductance
and the parasitic series resistance, and the split collector capacitance, as shown in Fig.3.6.
The components of this circuit have the same definitions as the corresponding components
in the hybrid-n equivalent circuit. With the components so designated, the y-parameters

for the hybrid-n and the T equivalent circuits are exactly the same?®,

The equivalent circuit shown in Fig. 3.6 is the same as reported elsewhere?® 4647

but some of the components have different values, as we now discuss.

The differences stem both from the level of approximation used for ¢, and from

the manner in which o is represented in the equivalent network.

B be' B’

FIGURE 3.6 T equivalent circuit
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One difference worth discussing here is that the current source of the equivalent
circuit in Fig. 3.6 was represented by ao’ie’ in ref. [46], and by oci,” in ref. [20] and [47],

and o is

as opposed to o/, used here. The relationship between o,

’

=0
1+]m/o){3

o
(3.65)

’

where o, is a replacement for 0, the dc common-base current gain of the intrinsic tran-

sistor as follows

, SINWT, A
o, = OLO( o Jexp (=jwo) (3.66)
C

where @ 1s the angular frequency of operation, T, is the collector-base depletion region

transit time, as shown in (2.14} and (3.53), and ¢ = mt, /1.2 +1_, where T, is the base

b

220,48

transit time, and m is an empirical factor of magnitude 0.2 , as compared with the

theoretically resultant term shown in (3.53). a differs from OLO’ in that it concludes the
single-pole (RC-type) representation of the magnitude and phase shift associated with the
base transport factor. The reason for that a,” is used in ref. [46] rather than o is regarded
as that the RC phenomenon is naturally represented in the equivalent circuit by the resis-

tance r, and the effective contribution of the actual base-emitter diffusion capacitance C,

36
to Cjz )

As indicated in (3.9), use of i, effectively accounts twice for the term
(1+jo /coB) . The only way to reconcile having a in the current source, r,and C, in the
emitter circuit 18 to control the current source by the terminal emitter current i,, as shown

in Fig. 3.6.
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In a summary of this chapter, several kinds of transistor models were reviewed.

Low frequency, small-signal hybrid-n model can be derived from low frequency T-model,
and also, can be extracted from large-signal EM model directly. Hybrid-m model, though
equivalent to T-model, proves to be more convenient in the case of common-emitter con-
figuration since it enables the current source to be controlled by the input. The derivation
of high frequency prototype transistor equivalent circuit model has to be started from the
current continuity equation and diffusion equation. In conjunction with the parasitic net-
work model, a complete high frequency bipolar transistor model can be finally derived on

a strict theoretical basts.



CHAPTER IV

HIGH FREQUENCY MEASUREMENTS

4.1.0 General

GaAs-based HBTs have their best advantages in microwave and millimeter wave
applications. The high frequency characterization of these devices requires high frequency
measurement techniques, which are different from the conventional methods of measuring
at dc, and low frequency conditions. At low frequencies, the Z, Y, H, or ABCD parameters
can be used jin the description of two-port networks. These parameters can be determined
by applying short- and open-circuit tests, whjch are essential for making these measure-

ments. Moving to higher frequencies, some problems arise:

1. Equipment is not readily available to measure total voltage and total current at

the ports of network.
2. Shortt and open circuits are difficult to achieve over a broad band of frequencies.

3. Active devices, such as transistors and tunnel diodes, often will not be short or

open circuit stable.

A set of parameters that is very useful in the microwave range are the scattering
parameters (S-parameters). These parameters are defined in terms of traveling waves and
completely characterize the behavior of two-port networks at microwave frequencies.
Since S-parameters are determined with resistive terminations, the difficulties involved in

obtaining the broadband open and short circuit conditions required for H, Y and Z-param-

44
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eters are obviated, and the parasitic oscillations in acfive devices are minimized. Since
only incident and reflected voltages need to be measured, automatic network analyzers
(ANAs) are currently available for S-parameter measurements. The S-parameters are sim-
ple to use in analysis, and can be used not only in the characterization of two-port net-
works, but also in the characterization of n-port networks. In next section, we’ll review the
S-parameter concept and introduce some typical transistor parameters that are useful in

49, 50

high frequency characterizations , and can be obtained from S-parameters.

The advent of high frequency device era occurred at the same time as the mini-
mum device sizes decreased to 1 X 1um, and smaller. In the case of small-size devices,
the bond pad admittances can overwhelm the intrinsic device S-parameters, leading to sig-
nificant errors if not corrected for. In order to obtain accurate information to develop accu-
rate models, the current state-of-the-art for measuring devices is to use coplanar probes in
conjunction with a network analyzer and a calibration substrate. These probes are
designed to provide transmission lines right up to the bond pads of the device under test
(DUT), and are currently the most accurate way of guiding high frequency waves onto and
off a die, package, or printed circuit board (PCB). In section 4.3, we’ll introduce the state-
of-the-art high frequency measurement techniques, including the typical equipment setup
used for these measurements, the calibration techniques of the measurement system, and

the pad parasitics correction procedures5 1.52,53,

4.2.0 S-parameters and their measurements
Transmission Line Theory

Initially, the properties of traveling wave will be examined. High frequency sys-
tems have a source of power. A portion of this power is delivered to a load by means of

transmission lines as illustrated in Fig. 4.1 (a).
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Incident Wave

z N —

Transmission Line

/\/4——-—

Reflected Wave

(a)

(b)

FIGURE 4.1 (a) Power in wave form delivered to a load through transmission lines; (b)
Equivalent circuit of uniform transmission line.

Voltage, current, and power can be considered to be in the form of waves traveling
in both directions along this transmission line. A portion of the waves incident on the load
will be reflected. It then becomes incident on the source, and in tumn re-reflects from the

source (if Z # Z,), resulting in a standing wave on the line.
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If this transmission line is uniform in cross section, it can be thought of as having
an equivalent series impedance and equivalent shunt admittance per unit length, as shown

in Fig. 4.1 (b).

A lossless line would simply have a series inductance and a shunt capacitance. The
characteristic impedance of the lossless line, Z, 1s defined as Z; = JL /C. At microwave

frequencies, most transmission lines have a 50-ohm characteristic impedance.

The value of the total voltage at a given point along the length of the transmission

line is the sum of the incident and reflected waves at that point

Vi) = VI (x) + V7 (x) 4.1)
and the value of the current
I(x) = Ve V@ 42)
A Z, ¢

Also, the reflection coefficient between the incident and reflected wave can be

written as

C(x) = Vo (x)

4.3)
V' (x)

where [, = T(0) = V™ (0)/V'(0) = (Z,~Zy)/ (Z,+Z,) is the load reflection

coefficient.

S-Parameters

If we embed the two-port device into a transmission line, and terminate the trans-
mission line in its characteristic impedance, we can think of the stimulus signal as a travel-

ing wave incident on the device, and the response signal as a wave reflecting from the
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device or being transmitted through the device as shown in Fig. 4.2. A new set of equa-

tions can then be established to relate these incident and “scattered” waves as

V=85,V +S,V, (4.4)

N
|

= Sy, V) +8SpV” (4.5)

where V,; and V, are the voltages reflected from the first and second ports, V]Jr and
V{' are the voltages incident upon the first and second ports. By dividing through by

/Z, these equations can be altered to a more recognizable form

by = Spa+5pa, (4.6)
by = Sya,+ 55,0, (4.7)
~ +
where b; = — and @, = —= . Now |bli2 = power reflected from the first port, and

2 Iz,
|a]|2 = power incident on the first port. There are similar definitions for ]172|2 and |a2|2.
The parameters Sy;, Sy, S,;, and S,,, which represent reflection and transmis-

sion coefficients, are called the scattering parameters of the two-port network or S-param-

eters. From (4.6) and (4.7), they are defined as follows

b
Sy = a—l (input reflection coefficient with the output matched)
! a,=0
by . o .
Sy = o (forward transmission coefficient with the input matched)
i

a, =0

which is also the gain or attenuation of the network.
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FIGURE 4.2 Two-port network for S-parameter derivation.

b
Sy, = 2 (reverse transmission coefficient with the input matched)
g a =0
by
Sy = E: (output reflection coefficient with the input matched)
2lg -0

S8, here is simply reflection coefficient T" at the input port. This is very similar to

how a TDR (time domain reflectometry) functions, where a voltage step is incident on a
network and a portion of the incident voltage wave 1s reflected depending on the network.

The TDR reflection coefficient p is then

_ 2 4,
p v, (4.8)

where V, is the incident voltage wave, and V, is the reflected voltage wave. Measure-
ments of S-parameters and TDR response are fundamentally similar. S, is normally

expressed as a reflection magnitude and angle at a particular frequency. A TDR-derived p
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is expressed as magnitude at a particular point in time or distance, assuming a specific
propagation velocity. The biggest practical difference is that S-parameters can be used (o

develop a quantitative model, whereas TDR data generally provides qualitative data.

The advantage of using S-parameters is obvious from their definitions. They are
measured using a matched termination (i.e., making @, = 0 or a, = 0). Terminating the
output port with an impedance equal to the characteristic impedance of the transmission
line produces a, = 0, because a traveling wave incident on the load will be totally

absorbed and no energy will be returned to the output port.

Note that the network output impedance Z,,, does not have to be matched to

{
Zy, - In fact, with Z, = Z,, the condition a, = O is satisfied. Similar considerations
apply to measurements at the input port. Also, the characteristic impedances of the trans-

mission lines are usually identical (i.e., Z, = Zy, ).

The Smith Chart

Another basic tool used extensively in conjunction with S-parameters is the Smith
Chart. Back in the 30s, Phillip Smith, a Bell Lab engineer, devised a graphical method for
solving the often-repeated expressions appearing in microwave theory. Solving the equa-
tions including expressions like the one for reflection coefficient, I' = (Z-1)/(Z+1),
is a tedious task since all the values in this equation are complex numbers, which could be
reduced by using Smith’s graphical technique. Smith Chart was a natural name for this

technique.

This chart is essentially a mapping between two planes — the impedance or Z
plane and the reflection coefficient or I' plane. Impedances with positive real parts map

inside the unit radius circle on the Smith Chart. Impedances with negative real parts map



51
outside this unit radius circle. Impedances having positive real parts and inductive reac-

tance map into the upper half of the Smith Chart. Those with capacitive reactance map

into the lower half,

Typical Transistor Parameters

There are three parameters often used by transistor circuit designers. They are:

Gain (dB)

Frequency (GHz)

FIGURE 4.3 Schematic plot of several important transistor parameters vs, frequency
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1. f, or the frequency at which the short circuit current gain in equal to one.

2. f, ot the frequency where |S,,| = 1 or the power gain of the device, |S,; 2,
expressed 1n dB is zero.
3. finax OF the frequency where the maximum available power gain, G, ., of the

device is equal to one. f,  1s also referred to as the maximum frequency of

ax

oscillation.

To determine f_ of a transistor connected in a common-emitter configuration, we
drive the base with a 50-ohm voltage source and terminate the collector in the 50-ohm
characteristic impedance. This results in a gain versus frequency plot, as shown in Fig.4.3,

that decays at about 6 dB per octave at higher frequencies.

Due to the problems involved in obtaining true short circuits at high frequencies,
the short circuit current gain |4,| cannot be measured directly, but can be derived from
measured S-parameter data. The shape of this gain versus frequency is similar to that of

|521]2 and, for example, f, is slightly less than f..

fax 18 determined after conjugately matching the voltage source to the transistor
jnput, and the transistor output to the characteristic impedance of the line. The resultant
gain is the maximum available power gain as a function of frequency. It is higher than
1521|2 because of impedance matching at the input and output. With proper impedance

matching techniques, the transistor is usable above f_ in actual circuit design.

Transducer Power Gain

In the design of amplifiers, one is most interested in the transducer power gain. We

will briefly examine it here.
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Transducer power gain is defined as the power delivered to the load divided by the

power available from the source. If the network is assumed to be unilateral, say, S, is

equal fo zero, this will refer to the unilateral transducer power gain
2 2
A= o ()

21

Opy = ———5" .2
[1=8,T 1= 55T

(4.9)

where I P is the source reflection coefficient, and I"L 1s the load reflection coefficient.

Maximum unilateral transducer gain can be accomplished by choosing impedance

matching networks such that I' = § 1*] and ', = 52*2 . Then

l 2 1
G = — - iS ] — (4.10)
Tumax 2 21 2
F=[Sy I =S|
or as shown in Fig. 4.4
2
GTuma_r = Gsmax ' ,5211 ’ GLmax (4.1
(4.12)
Zy
Input Ouiput
Maiching r Go ‘-’ r Matching Zo
Gsrnax ‘ ' | GLmax
Su Sy Sn Sn

FIGURE 4.4 Network designed for maximum unilateral transducer gain
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4.3.0 High-Frequency Measurement Techniques

High-Frequency Measurements Setup

A complete and accurate testing of fabricated devices provides the feedback that is
essential for modeling, design and processing iterations. A complete test routine includes
in-process testing, on-wafer measurements, chip measurements, package measurements,
and the printed circuit board (PCB) level measurements, related to different fabrication
stages. From another standpoint, the measurements can also be classified as interconnect
measurements, device measurements and IC measurements. For the purpose of device
modeling, we are here focusing on the high frequency device measurements mainly in on-
wafer or chip form. Fig. 4.5 shows the on-wafer noise and S-parameter measurement
setup. The system is comprised of four parts: (a) a vector network analyzer, (b) noise
source, a radiometer for noise power detection and electronic tuners, (c) wafer probes and
an automatic probe station, and (d) a control computer, microwave switches, bias supply,
and software. Specifically, the system can be used to measure the S-parameters, nojse
parameters, constant noise circles, gain parameters, and gain circles of HBTSs. In this sys-
tem, the S-parameters and noise parameters are measured by coupling the network ana-
lyzer to nojse measurement equipment. The DUT is first tuned for gain with the switches
on tuner. Then, the switches are moved to the measurement loops, and the S-parameters
and noise figure are measured. The classic noise-parameter measurement system uses a
manual or automated tuner on each end of the DUT>*. The tuners are used to simulate the
input and output matching networks of a low-noise amplifier stage, so the noise figure and
gain can be measured directly. The optimum source and load impedances can be found by
locking the tuner at its optimum setting and measuring the tuner impedance with a net-

work analyzer.
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FIGURE 4.5 Combined S-parareter and noise parameter measurenent setup.

Since conventionally used needle probes do not work in high frequency measure-
ments, coplanar waveguide wafer probes have to be used. These coplanar probes are
designed to provide transmission lines all the way to the probe tips, and match fields from
the DUT through the coaxial connector all the way to the scope, TDR, or network ana-
lyzer. There are all kinds of probes available depending on needs in different layout and

required frequency range, currently through 65 GHz.

For chip measurements, test fixture and test carrier with suitable matching circuits
have to be developed first. During the measurement, a fixed matching circuit is not
expected to provide perfect matching (due to insufficient know}edge of device S-parame-
ters and nolse parameters). An empirical approach to fine-tuning the performance of the
matched device is typically employed so that the true potential of the device can be deter-

mined.
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Calibration of the system

To calibrate the system, the vector network analyzer is first calibrated at the DUT
connection planes. By using planar calibration standards, for example, like the Impedance
Standard Substrate (ISS) made by Cascade Microtech, the probe and cable responses can
be calibrated out. This substrate contains various precision elements, jncluding 0.3%
trimmed resistors, transmission lines, shorts, and throughs necessary to calibrate the mea-
surement system up to the probe tips. Conventional calibration sequence is to perform
open (probes in air), shorts, 50Q load, and thru calibrations to the probe tips. Recently,
Cascade Microtech and Hewlett-Packard jointly developed the state-of-the-art line-reflec-
tion-match (LRM) 1SS, which provides one with faster, more accurate on-wafer measure-
ment calibrations for high frequency applications, by combining the strengths of thru-
reflect-line (TRL) and traditional short-open-load-thru (SOLT) calibration techniques™>.
The particular calibration substrate material, which is typically fabricated on sapphire or
alumina for low loss and smooth surface, is irrelevant as long as the calibration standards
are well understood and accurately described to the ANA correction algorithm. The char-
acteristics of the standards are defined to the network analyzer, usually with a magnetic

tape, so the operator does not have to manually enter them.

While the ISS calibration sets the measurement reference plane at the probe tips,
the S-parameters measured will still include the bond pad parasitics. If the desire is to
characterize the intrinsic device embedded in an integrated circutt without bond pads, then
the measurement must be corrected for the bond pad parasitics. If the desire is to measure
a discrete device (with bond pads) which will be used as a discrete device, then the effect

of the bond pads should be included in the data and not be corrected for.
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Pad Parasitics Correction Techniques

In the case of bond pad parasitics correction needed, an adequate correction mea-
sure should be taken. When measuring small, high impedance devices, the bond pad para-
sitics which affect the measurement accuracy are the parallel RC parasitics associated
with the semi-conductive substrate being in close proximity to the pads as shown in Fig.
4.6. The pad parasitcs is specially severe for silicon substrate because of the higher con-
ductivity in silicon substrate than GaAs. Assuming pad sizes of 100 x [00um, the para-
sitic values are the same order of magnitude as typical devices, resulting in significant

61’1‘01‘853.

One recommended technique currently used for correcting pad parasitics is called
YPADS methods, which depends on the fact that the primary RC parasitics are in parallel
with the pad structure as shown in Fig. 4.6. Therefore, if one converts S-parameters to Y-
parameters, and subtracts the measurements of an open set of pads from the measurements

of a DUT plus the pads, these parasitics are removed from the measurement. This currently

is considered as the most accurate method56’ 57.

The measurement sequence then becomes:

1. Calibrate the entire measurement system to the probe tips.

2. Measure S-parameters of the dummy device (an open set of pads)

a. Convert S-parameters to Y-paramelters, store data.

3. Measure DUT S-parameters.

a. Convert S-parameters to Y-parameters.

b. Subtract dummy Y-parameters from DUT Y-parameters.
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c. Convert back to S-parameters as desired, store data.
4. Repeat step 2 for each DUT surrounding the dummy.

Additionally, to ensure the measurement accuracy, the system needs to be fre-
quently calibrated using the hot-cold method (which means to connect the external cali-
brated hot or cold noise source to the DUT and test for all test frequencies). A cross-

checking with other systems is also needed.

Feedforward Parasitics ‘

AW L

$OIISEIR ] UNYS

Shunt Parasitics

FIGURE 4.6 Pad parasitics affecting measurement accuracy of small devices.
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In this chapter, high frequency measurement concepts and techniques were intro-

duced. First, transmission line theories were briefly overviewed, which were followed by
the introduction to S-parameters that proved to be a set of effective two-port parameters in
overcoming the conventional difficulties it high frequency network analysis routines. The
state-of-the-art high frequency measurement techniques are described here and mainly
include the equipment setup, calibration method of the system, and the pad parasitics cor-

rection techniques.



CHAPTER V

HIGH FREQUENCY MODELING OF
ALGAAS/GAAS HBT DARLINGTON FEEDBACK AMPLIFIER

5.1.0 Introduction

Wideband amplification is one of the main purpose of HBTs, which can be best
realized by a Darlington feedback amplifier. Despite the abundance of available HBT
equivalent circuit models (either large signal or small signal)sg'(’z, few of them have
focused on two-stage devices, such as Darlington-pair configurations. Furthermore, it 18
more typical to model HBTs with emutter-current controlled T-model rather than hybrid-n
mode] as shown in Ref. [58]-[60]. M. B. Das!? has theoretically derived a hybrid-r HBT
equivalent circuit mode] for high-frequency purpose, as introduced in Chapter 111, but lit-

tle effort has been made to identify its predicted parameters with actual device structures.

In this chapter, high frequency characterization and modeling of AlGaAs/GaAs
HBT Darlington feedback amplifier are for the first time reported. This part of work 1s
done based on the high-frequency measurements of a HBT Darlington configuration feed-
back amplifier fabricated on epitaxially-grown GaAs/AlGaAs layers. The Darlington con-
figuration device has been chosen tn an attempt to investigate the high current capabilities
in a cascaded amplifier. Two sets of S-parameters measured under two different bias con-
ditions applied to the device were obtained in chip form using HP 8510 Network Analyzer
in conjunction with Cascade Microtech probe system. The high-frequency modeling and

simulation are achieved by first creating an equivalent circuit model, and then fitting the

60
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modeled results to the measured data with the aid of SuperCompact, a kind of microwave
software. A two-stage small-signal hybrid-m equivalent circuit model is derived for the
use of simulation of the actual HBT device, and two sets of element parameters for two
different biases have been generated, both of which have excellent agreement with the
measured data. T-model is considered as an equality with hybrid-n model, and popularly
used in HBT modeling. Here for the case of two-stage simulation, however, it does not

work as well as the latter, for some unknown reasons.

DC measurements were also implemented for the purpose of extraction of dc
parameters. Some interesting phenomena observed during the characterization practice are

discussed to further explore the device physics.

The switching analysis of the device is discussed in the next chapter.

5.2.0 Device Description and S-Parameter Measurements

The AlGaAs/GaAs epilayers were grown by MOCVD techniques, which provided
a structure with the process data listed in Table 5.1. The vertical structure of the epilayers
is similar to the one shown in Fig. 2.1(a), and designed to meet typical HBT specifications,
such as high-doped thin base and low-doped thick collector, and the specific requirements

for broadband microwave amplifier applications.

The device under investigation is a Darlington-coupled feedback amplifier consist-
ing of 2 HBTs. The corresponding circuit diagram is illustrated in Fig. 5.1(a). As shown in
the figure, Darlington configuration is a composite two-transistor device in which the col-
lectors are tied together and the emitter of the first transistor drives the base of the second
one. A series resistor is used as a biasing element to control the emitter current of Q,. This

composite transistor can, in principle, be used in place of a single transistor iIn common-
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emitter (CE), common-base (CB), and common-collector (CC) configurations in achiev-
ing a much higher current gain (approximately a product of two current gains at each
stage), and enhancing driving ability. When used as an emitter follower, the device is
identical to the CC-CC connection. When used as a common-emitter amplifier, as shown
in Fig. 5.1(a), the device is very similar to the CC-CE connection, except that the collector
of Q, is connected to the output instead of to the power supply, which results in the reduc-
tion of the effective output resistance of the device because of the feedback through r_,of
Q. and causes an increase of input capacitance because of the parallel distribution of the
base-collector capacitances of Qy and Q,. With these specialities, the CC-CE connection
is normally preferable in integrated small-signal amplifiers®. The term Darlington is

often used to both the CC-CE and CC-CC connections.

A compound feedback, which js comprised of current-series and voltage-shunt
feedback, is commonly used in broadband amplifiers as it is here. Usually, R, is added for
dc biasing and has a large value. By proper adjustment of R, and R, in combination with
reactive elements, a flatband amplifier can be realized by sacrificing some gain(’4. When

higher gain is required more stages can be cascaded in the final amplifier.

The photographic monolithic layout of the device is shown in Fig. 5.1(b). As seen
in this picture, this device has 2 common-emitter configuration with the ernitter pad con-
nected to the ground. The first stage consists of one subcell which has two emitter fingers,
three base fingers and two collector contacts. The base and emitter fingers are designed in
an interdigital structure to increase emitter periphery. By contrast, the second stage has
three subcells, each of them having the same topology as the first stage. This arrangement
allows a higher output power capability in the second stage. The stripe width and length of
emitter fingers are 1.4pm and 3.0um for the first stage, 1.4um and 8.5um for second
stage. The passive components (such as Rf, R, and R,) are formed by thin film tech-

niques.
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The S-parameters were measured in a chip form over frequency range 1 GHz-20

GHz using HP 8510B network analyzer and Cascade Microtech microprobe system Sum-
mit 10600. The equipment setup is shown in Fig. 5.2. Power to the device under test
(DUT) js provided through bias-Tee built in the network analyzer. A 3 m long 50€2 coax
line connects the network analyzer with the heavy-duty probe station through SMA con-
nectors. 26 GHz, 150um pitch, nickel head-contact wafer probes were used in the mea-
surements and calibrated up to the probe tips using LRM ISS techniques. The device was
mounted on a glass slide using double-stick tape. R, is a 10k{2 resistor connected in

series in the backside loop of the network analyzer as a current limit element.

Device was driven by a —=5dBm driver and testing started from a relative low V..
No gain was observed until V-2 3.5 volts, which was to be expected for the two-stage

transistor configuration.

The device was tested at two different bias conditions. (1) V.. = 3.5V,
loe = 13mA; (2) Ve = 3.7V, I = 23.5mA. Two sets of Smith Chart representations
of S-parameters are shown in Fig. 5.3, and 5.4, respectively, from 1 GHz through 20 GHz.
The data of S-parameters and k|, vs. frequency in the same frequency range were col-
lected on a floppy disk for simulation. A Bode plot is plotted in Fig. 5.5, from which f, can
be found to be about 37 GHz, and f_, ;, = 5 GHz. The total transit time of the device T,

defined as 1/27f,, 1s determined to be 4.3ps.

The same device was measured a second time with a 50 GHz probe, and the curves
of |521|2 vs. frequency up to 50 GHz, expressed in dB, are drawn at three different biases
of Vo = 3.2V, 3.5V, and 3.8V as shown in Fig. 5.6. From this plot it can be found that
the optimum bias condition is V. = 3.5V with the f_ (the frequency where |S,;| = 1 or

the power gain of the device, |521|2, expressed in dB is zero) as large as 30 GHz.



TABLE 5.1. Epilayer process data

Layer Material Thickness (A) | Doping (em’)

Emitter Cap GaAs 2100 4x10"
A),Gay_,As (0 0.25) 200 5x107-4x10'8

Emitter Al Gaj 4As (x = 0.25) 800 1x 107 —4x 10"
Al Ga|  As (0.25 - 0) 200 1x 10"

Spacer GaAs — —

Base GaAs 1000 7% 10"

Collector GaAs 8000 2% 10

Subcollector GaAS 7000 3x 10"

Substrate GaAs — SI
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FIGURE 5.1 (a) Circuit diagram of Darlington feedback amplifier; (b) Photographic
monolithic layout of the device under investigation.
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FIGURE 5.2 S-parameter measurement set-up



FIGURE 5.3 Smith Charts of measured S-parameters at bias condition V=3.5V,
ICC=13ITIA
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FIGURE 5.5 Bode plot of the device at bias condition V~¢=3.7V, I~=23.5mA.
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5.3.0 DC Measurements and Parameters Extraction

DC characteristics of the device were investigated with a HP 4145B parameter
analyzer. Gummel plot of the HBT Darlington composite transistor is shown in Fig. 5.7. In
this plot 7 and I~ vs. Vg are plotted in semi-logarithmic form. Note that I varies flatly
with Vg because a certain amount of current flowing through the bias resistor R, all the
time under the applied forward bias Vg, therefore when referring to the real base current
Iy, IR] has to be subtracted from the total /. /- distinguishes itself by its multi-step con-
figuration. The first step region at the lower end side of V. is obviously the turn-off
region of the device. In this region /~ represents the reverse leakage current which is now
at several HA level, a value much larger than that a good device should be, therefore per-
haps caused by the instrument error. The second region, in the middle, indicates that the
first transistor is conducting, which results in a significant increase in I-upto mA level.
The third step region accounts for the case when the second stage of the device conducts,
where the collector current has an additional increase. The total common-emitter forward
dc current gain 3. and turn-on voltage of the device can be extracted from the Gummel
plot. The turn-on voltage can be readily found to be about 1.2V by finding the V. value
at the crosspoint of the first and second regions of /- curve. 3. of this composite transis-
tor can be obtained by using /. data mentioned above. The relationship of . vs. Vpp is
shown 1n Fig. 5.8, in which the dotted curves illustrate the fact that the composite current

gain B can be represented by the products of the two gains at each stage.

Additional dc analysis includes the diode I-V curve measurements of the device,
through which the values of Rf, R,. R,,and R, can be extracted by taking measurements
of the slopes of these I-V curves in different diode-connection modes. They were found to

be 275Q), 127082, 32002, and 16Q, respectively, for the device under test (DUT).
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5.4.0 Device Modeling and Simulation

SuperCompact was used to simulate the collected S-parameter data and extracted
dc parameters. SuperCompact js a software designed for microwave circuit design, syn-
thesis, and simulation, and operates in frequency domain. By taking the measured two-
port parameter data as a target, one is allowed to create lumped or a distributed equivalent
circuits to model the real devices. Two kinds of optimization algorithm, random and gradi-
ent, are available for the optimization of circuit element values to fit experimental data. By
adopting an appropriate equivalent circuit model, carefully adjusting the initial parameter
values, and alternatively utilizing the optimizors, a good match between the modeled and

measured data can be finally achieved.

The SuperCompact program has all kinds of built-in circuit models available for
varieties of two-port networks. For example, BIP is a model name designated to bipolar
transistor model which is actually a complex of an intrinsic T-model plus a number of
periphery elements to account for parasitics, bonding pad capacitance, and lead conduct
inductance. VGC 1s another built-in model name used for voltage-control current genera-

tor which can be used as a center part when creating a hybrid-mt model.

The whole modeling process conducted here can be summarized in three steps.
First step is a process for choosing proper model configuration. It was found after suffi-
cient trials that hybrid-n model is a better choice than T-model because the former has
achieved, in this preliminary modeling stage, a smaller error function value, which is
defined as a weighted error of the standard objective functions for all the model parame-
ters at all frequencies. Then every effort was made to improve the single-stage hybrid-mnt
model. After a failure to achieve a satisfactory result with such a simple model, which can
only reach an error function value of 0.11, a two-stage model based on the former single-
stage prototype circuit model was developed. An obvious improvement was immediately

observed, and significant progress was made after taking the following steps:
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(a) The 1nput and output matching network consisting of a series inductance and a
shunt capacitance were added to the ports of the two-port model network to simulate the

bonding pad parasitics and lead inductance.

(b) Inductive elements were inserted in the series at the collector terminals to
improve the broadbanding characteristics. Specially, it was found that the inductor
inserted in the first-stage loop had played a very important role in §,, curve simulation,
and its value finally fixed at about 0.5 nH, a value one order of magnitude larger than the

second stage equivalent.

(c) The base-collector capacitances were split-up in an attempt to better represent

the distributed base-collector RC network.

An excellent fit was eventually achieved with a statistically-based error function
value of only 0.0083 for the case of V.~ = 3.5V bias condition. A similar result was
obtained later for V.~ = 3.7V with an error function value of 0.0092. Fig. 5.9 and Fig.
5.10 show the Smith Charts drawn by the SuperCompact program with both the modeled
and measured S-parameter curves on them for comparisons. Fig. 5.11 plots the circuit dia-
gram of the small-signal two-stage lumped hybrid-7 equivalent circuit model used in this
device simulation process, and the corresponding element values obtained at different

voltage supplies are listed in Table 5.2.

Although the single-stage model does not work well, 2 comparison between the
single- and two-stage model parameter values is still informative. It can be seen that the
output resistance r, in the single-stage model is approximately equivalent to the values of
Fol and r 02> the output resistances in the two-stage model, shunted together. On the other
hand, r of the single-stage model approximates to be the sum of r, and r_, in the two-
stage model while with g remaining almost the same as g,,, (see Appendix A for one-

stage model data).
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TABLE 5.2. Modeled two-stage equivalent circuit element values

Element Vee=3.5V Vee=3.7V Element Vec=3.5V Vee=3.7V
o 14280 12.81Q oy 57.490 66.82Q2

Ty 6.18Q2 5.38Q Tra 14.8302 16.25Q

e 9.59x 10’0 423x 10’ r 732x10°Q 719 % 10°Q
ol 1.51 x 10°Q 1.44 x 10°Q ror 1.82 x 10°Q2 1.85 x 10°0
r 48.57Q 59.530 " 12.820 13.83Q

re 130Q 1.68Q T 2.830 4.149Q

Cpy 65.14FF 69.62FF Cps 0.17PF 0.17PF

Cy 3434FF 3221 FF Ca 40.95FF 27.54FF
c, 9.63FF 1321 FF C, 42.32FF 30.68FF

c, 4.49FF 2.61FF C, 15.03FF 10.76FF
Em) 0.06468S 0.090758 20 0056828 008628

R, 262.91Q 268.06Q2 R, 398.864) —

Cp, 334FF 33.9FF c,, 3.62FF 17.9FF

c,, 340FF 17.9FF C, 35.22FF 18.4FF

L, 0.085NH 0.036NH L, 0.012NH 0.014NH
L, 0.036NH — L, 0.04INH 0.059NH

L 0.536NH 0.502NH L 0.035NH 0.021NH
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5.5.0 Discussions
Base-Collector Capacitances

In this model, the distributed base-collector parasitics are simulated by split-up RC
networks. The equivalent base-collector capacitance can be approximately expressed as
Ce, = C+C+C for the first stage, and C., = Cua+ Cy+ Cy for second stage. In
the case of forward-active operation mode, base-collector junction is under a reverse bias,
therefore the base-collector capacitance is mainly determined by the fixed space charges
stored in the base-collector depletion region, which is usually modeled by a depletion

capacitor. Depletion capacitance is a nonlinear function of the voltage across the junction,

and can be expressed as

(5.1)

for a npn transistor, where Vg~ 1s the voltage across the internal base-collector junction,
C,.o 1s the value of the base-collector junction capacitance at Vg, = 0, ¢_ is the base-
collector barrier potential, and m, is the base-collector capacitance gradient factor. For a
step junction, m, = 0.5, for a linear junction, m_ = 0.33. Most of practical junctions lie
in between. Assuming a step junction formed here, the base-collector C-V plot should
simply follow the well-known reciprocal square-root relationship, which expects a monot-

onously decreasing curve with a faster drop-down rate at Jow reverse bias, a slower

decrease rate at high reverse bias, and a flat asymptote at the infinity.

Now Jook at the element values listed in Table 5.1 for Cc, and Ccz. It can be found
that Cc| ~48.46fF at V. = 3.5V, and 48.03fF at V. = 3.7V, almost no change. By
contrast, CC2 = O8fF at V__ = 3.5V drops down to about 69fF at V__ = 3.7V, almost 1/3

lower than the lower bias case. For Darlington device, as is known, the first-stage base-
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collector voltage drop 15 lower than the second one, the magnitude difference depending
on the resistance ratio of the voltage-divider in the bias loop. In our case, Vg, is about
—0.7V, and Vg, is about —=2.3V. As the supply voltage V- increases, the reverse volt-
ages across the base-collector junctions increase accordingly, but much smaller at the first
stage than the second stage. For example, as V. changes from 3.5V to 3.7V, only
about—0.04V added to the first-stage base-collector junction comparing with an increment
of ~0.2V at the second stage. According to this, we can expect only a small fraction of
change in the junction capacitance values. In fact, a quick estimation can be readily done
by inserting appropriate data into Eqn. (5.1), which shows that the first-stage base-collec-
tor junction capacitance will drop down by 0.01 as V-~ increases from 3.5V to 3.7V if ¢
1s set up at 1.1V. This 18 quite consistent with the modeled results, in which a difference of
0.9% is observed for CC' at different biases. The disparate thing, however, has happened
to the second stage, where a significant drop on CC2 (about 30%) at higher bias has shown
a large deviation from the theoretical estimation value which expects only a 3% difference

for these two different biases.

As far as the current knowledge, the base-collector junction capacitance under
high reverse bias is commonly expected to reach a minimum constant value. This phe-
nomenon was discussed and explained by P. C. Grossman’s two-region depletion capaci-

tance model61

as an effect occurred as the collector edge of the base-collector depletion
region reaches the collector contact layer at a sufficient high reverse junction voltage.
Nevertheless, it 1s worth pointing out that the previous studies on this topic, either experi-
mentally or theoretically, were purely focused on the performance of a single pn junction,
no transistor behavior ever involved or considered. In the case of a real transistor device
operation, as a matter of fact, some transistor effects may affect the junction characteris-
tics, e.g. the junction capacitance under certain conditions. Although the observation

obtained here is expected further investigations for more direct evidences, a qualitative

discussion based on these modeled data may give rise to some tutorial indications because
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simulation results often show us a rather practical circumstance.

For a pn junction with an arbitrarily doped interface region, junction capacitance

can be generally expressed in a form of

€A

where ¢ is the permittivity of the semiconductor material, A is the junction area, and x,; is
the depletion layer width. In an one-side heavily doped junction case, x; is mainly located
in the lightly doped side of the depletion region, e.g. in the collector side for a HBT base-
collector junction. As a reverse bias is applied to the junction, the depletion region will
become wider. The junction capacitance thus becomes smaller. For a single-side junction,
the widening effect mainly occurs in the lightly-doped side. In the case of HBTs, base-col-
lector capacitance will keep golng down with the increased supply voltage until the collec-
tor region is depleted all the way to the point where the depletion region extends to the
heavily doped collector contact layer. At that point the junction capacitance will stop
decreasing and keep almost constant afterwards. This can be seen clearly by writing (5.2)

into another form:

= A (5.3)
e xptx, (X, x,)

where x,, is the depletion region width in the base layer, x, is the depletion region width in
the collector layer, and equals x_, the collector layer width for the time being. x, —x, 1s
the part of the collector depletion region invaded into the contact layer. For simplicity,
assume a uniform doping profile realized in the base, collector, and collector contact
region, respectively, and the depletion region already extends to the contact layer under
certain leve] bias, the charge density distribution in the whole depletion region can be

schematically shown (see Appendix B) under depletion approximation, and expressed as:
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—gN, —xp£x<0
p(x) = { gNp Osx<ux, (5.4)
qN’B X, SX<x

where N,, Np, and N';) are the doping density in the base, collector, collector contact
layer, respectively. Using the neutral charge condition, and solving Poisson’s equation,
x, .~ x_. can be found out as (see Appendix B for detail)

2e0,

X=X, = - (5.5)
qNDxn

In this equation, ¢ _ is the potential at the outside edge of the collector depletion
region. This result is essentially equivalent to that claimed by Grossman’s model. In fact,
X,.— X, 1s a very smal] constant compared to x,, and can be ignored in normal case. In
high current case for an actual device, however, x, could change drastically if some high-
injection effect, e.g. Kirk effect, is involved. As Kirk effect occurs, the base layer will
push out, and in the meanwhile, the junction will move rapidly towards collector contact

layer. In this case, x, will decrease in a manner much faster than x, +x,, which causes a

n’

rapid increase in x, . —x, , and eventually results in a fast decrease in junction capacitance.

Simple calculation shows that, however, the voltage here across the base-collector
junction is not high enough for completely depleting the collector layer. This implies that
Kirk effect may occur sometime before x, has been widened to reach the contact layer.
Another question is if Kirk effect can happen in such a relative low bias voltage. The
answer i3 that it may be made possible if there exists severe current crowding and local-

ized heating effects. We’ll see it below.

Another point of view for this C-V relationship deviation is the doping profile
modification effect. In hyperabrupt doping profile case at the base-emitter junction, for

exaraple, the gradient factor »2, can be equal to 2, which may cause a C-V curve as shown
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in Fig. 5.12. It was reported that a GaAs hyperabrupt varactor exhibited a capacitance C

vs. voltage V characteristics with m_, = 2 between 4 and 8 V.85

Cico

C-V curve (m =0.5, abrupt doping)

C-V curve

(m_=2, hyperabrupt doping)

d

{’bc V)

FIGURE 5.12 Schematic plot of second-stage base-collector capacitance deviation frow the
typical C-V relationship. ® model parameter data

Thermal Effect on Base Resistance

As mentioned earlier, the layout of this device has a multi-subcell design at the
second stage where the emitter stripe length has been designed longer as well (8.3pum at
the second stage vs. 3.0lm at the first stage) for the purpose of high current enhancement
capability by increasing the active area and emitter periphery. Theoretically, the increase
of subcells will not alter a device’s small signal performance if appropriate precautions are

taken to minimize the size of parasitics, because as more subcells are connected in paral-
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lel, all resistive element values are reduced in proportion to the number of subcells,
whereas all the capacitive element values increase by the same factor. The RC product (1.e.

charging time) therefore remains constant

FIGURE 5.13 Exaggerated schematic of degraded external base path, which causes a fairty
reduced capacitance but a much increased resistance

The data listed in Table 5.2, however, doesn’t follow the theoretical prediction. For
example, the base-collector capacitance of the second stage at V.~ = 3.5V is only twice
as large as the value for the first stage at same bias. And even if take the higher junction
voltage factor into account, the ratio of these two capacitances will not surpass 3, a value
still much smaller than the capacitance area ratio between these two stages, which is about
9. Perhaps, the reduction of C ., than the expectation value may be partly attributed to the
Kirk effect as discussed above. The significant increase instead of decease of the second
stage base resistance, however, makes one even more confused. A possible explanation is
that in the second stage there may exist a severe current crowding effect which causes a
drastic reduction of active area. The localized heating effect may also have occurred and
be responsible for the degradation of the external base path. Specially, external base path

degradation may change the external base resistance to a much more severe extent than for
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the distributed base-collector capacitance. The schematic graph shown in Fig. 5.13 may
give one a clearer idea on this point of view. In this exaggerated graph, the external base
area is degraded Into a square-wave form path as shown in the figure, which reduces the
effective area by a factor of about 1/2, hence the distributed capacitance value reduced by
1/2 correspondingly. But the same fact causes a reduction of the cross-section of the base
path by a factor of 5 as well as a 2.5-fold longer path length, which results in a total

increase of the external base resistance by a factor of 12.5.

In a contrast to the case of second-stage base-collector capacitance, it is found that
almost all the real resistive element values have increased under higher voltage supply by
a factor ranging from 1.1 to 1.5, with the only exception of first-stage base resistance
Yup'y = rpy* ryp- This phenomenon is regarded here as a result from thermal effect.
Thermal effect is commonly considered as an important factor affecting HBT performance
since semi-insulating GaAs substrate has a poorer thermal conductivity than Si. As is
well-known, the electrical conductivity of semiconductor material has a very sensitive

dependance upon temperature basically following the relationship

c = gNu(T) (5.6)
where g is electron charge, N is carrier density (electrons for n-type, holes for p-type),
and W (7) is the carrier mobility, which is a function of temperature, and empirically
found in proportion to 7~ >3 for GaAs material in an intermediate temperature rangc66.
The thermal effect on the device here can be estimated by using thermal resistance con-
cept. A reported experimental result shows the local thermal resistance Ry, of a 3 X 10
micron emitter GaAl,As,_, HBT on a GaAs substrate is about 1100°C/W at 25°C and
1200°C/W at 50°C®". In this case, with a V- of 3.5V and a I of 5mA (assume an
equal amount of current flowing through each collector), a temperature rise of 19.3°C in
the second stage above the substrate temperature will occur. As V- increases to 3.7V

along with a I of about 10mA in each collector, a temperature rise larger than 60°C
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above the room temperature seems reasonable. A calculation from (5.6) shows a typical
increase in a factor of 1.35, a value right in between our observed range. This large ther-
mal effect has severe consequence on device operation. Given that Vg changes about
—1.4mV/°C, the second-stage Vg, of the device here will decrease by approximately
0.1V, which will largely reduce the second stage collector current. This may explain why
a fairly close transconductance value has been obtained in the model, which is considered

as unusual for a Darlington configuration device.

5.6.0 Summary

e A small-signal two-stage hybrid-7 equivalent circuit model was developed for
simulating the high-frequency performance of the AlGaAs/GaAs HBT Darlington
feedback amplifier with the aid of SuperCompact software. Excellent agreement with
the measured S-parameter data was achieved simultaneously at two different bias con-

ditions.

e Hybrid-® model proved to be more effective than T-model in this case. It has
shown that a two-stage equivalent network is a necessity for simulation of a Darlington
configuration device. The inductive element connected in series with the firsi-stage col-

lector terminal 1s considered as a key element for S, characteristics improvements.

« The severe deviation of the base-coliector capacitance values from the typical
C-V relationship at high reverse bias shown in the model parameter table implies that
high-injection effects, which are often seen in BJTs, possibly exist in cascaded HBTs as
well. Parameter variations at different bias also indicate an observable thermal effect on
terminal resistances mainly at second stage, where a significant temperature increase is

expected due to a larger power dissipation.



CHAPTER VI

SMALL-SIGNAL SWITCHING ANALYSIS
OF ALGAAS/GAAS HBT DEVICE

6.1.0 GaAs HBT as A Digital Device

The bigh-speed related features, such as high f, and f  , and lower substrate

ax’
capacitance, make GaAs-based HBTs ideal for digital applications. Frequency dividers are
of fundamental importance in frequency synthesizers and clock drivers for digital circuits.
The HBT’s high-speed capabilities make it ideal for frequency dividers of fixed and vari-
able modulus. Recent report has shown that HBT-based ECL (emitter-coupled logic) fre-
quency dividers bave operated up to 36 GHz%". Programmable 4/5 dividers operating up
to 6 GHz was also reported a few years ago. Phase-locked loop (PLL) frequency synthe-
sizers are critical to communications. The GaAs HBT permits high-edge-rate detection
and fast switching to achieve high linearity and low phase noise phase detector which is
required in fractional-n PLL synthesizers to minimize the output spurs. Future fiber optic

transmitter and receiver circuits operating in the range above 10 Gb/s are potential appli-

cations of these functions.

Although Darlington amplifier is not a typical digital device and generally has a
slower speed than a single transistor because of its larger base-collector capacitance, it is
used here for switching analysis simply because we had already calculated its simulation
parameters. On the other hand, it can be certajnly considered as a composite heterojunc-
tion transistor, and its switching performance evaluation will without doubt reflect HBT’s

88
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switching characteristics to some extent.

Since K. Ashar proposed the propagation delay concept as a switching figure, it
has led to an effective method of estimating delay time in switching circuits and been
commonly considered as a solution for transistor switching analysis. Indeed, this method
is applicable to a general class of switching problems. However, in the case of complex
circuits, it is rather difficult to find out the transfer function of the network, which is a pre-
requisite for the use of Ashar’s mode]. Some other approaches, such as those proposed by
Y. Ikawa®® and M. Kurata®, either conducted a large-signal transient analysis of semicon-
ductor device based directly on small-signal frequency response data, €.g., S-parameters,
or developed 2 numerical model by directly solving one-dimensional basic device equa-
tions under transient condition, without considering an equivalent circuit. These methods,
although creative, didn’t relate the model to physical parameters, therefore are lack of

instructive information for improving device design.

Despite the rapid development of HBT digital devices, their switching characteris-
tics have been less investigated. In this chapter, a new technique is proposed for small-sig-
nal (low-level) switching analysis of aforementioned HBT Darlington device in a real
experimental environment. High speed measurements using digitizing sampling oscillo-
scope operated 1n TDR (time-domain reflectometry) mode were implemented for high-
speed characterization and simulation of the device. The basic idea of the present tech-
nique is to separate the whole network into input loop and output loop, which will reduce
the circuit complexity significantly. Hybrid-® model is adequate to be used for this pur-
pose. The first step of the analysis procedures is to find out the instantaneously changed
base current during the switching by analyzing the transient behavijor of the input loop.
Then four different approaches were employed to solve for the delay time or the output
voltage waveforms. They are, charge-conservation method, nodal analysis method,

charge-control method, and Spice simulation method. Among them, the charge-control
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method is also applicable to large-signal (high-level) switching case. These analytical and
computer-aided simulation methods turned out quite consistent results, which also fit the
measured data. Through these analyses the designer-concerned extrinsic and intrinsic

speed limitations at different circumstances can be seen clearly.

Section 6.2 describes the TDR measurement results. Section 6.3 derives the volt-
age transfer characteristics of the device, which is indispensable information for the tran-
sient analysis of an unknown device. The subsequent sections are focused on the

switching analyses and results discussions.

6.2.0 High-Speed Switching Performance Testing

High-Speed pulse response measurements were implemented using Tek 11801
digitizing sampling oscilloscope operated in TDR mode, which is a time domain test
method. Schematic measurement set-up is shown in Fig. 6.1. The device under test (DUT)
1s still the HBT Darlington pair, but packaged at this time. Ground lead was soldered on to
a copper ground plane. The input and output leads were soldered to short matched coax
lines. The outer conductor of the coax line was made also of copper, and soldered on to the
ground plane. The other ends of these coax lines were soldered to SMA connectors,
through which the device was connected to the tester. The whole assembly was used as a

fixture.

Since the device is self-biased, only one bias-Tee was needed at the collector ter-
minal. A 50Q2 “DC Block” (bandwidth =100 MHz — 18 GHz) was required by the mea-
surement system, and inserted on the input side of the DUT, which js actually realized by a
1500pF capacitor. The bandwidth of Bias-Tee? is also at the same range. 14dB attenua-

tion pads were introduced to improve 5082 matching (heips to prevent ringing).

a. The bias-Tee was made by Hewlett Packard Company. The value of the inductive element in the equiva-
lent circuit shown in Fig. 6.1 is not available from the maker.



91

'
borrmem =

FIGURE 6.1 TDR measurements set-up
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The input signal was a series of square-wave pulses, with a period of 1Us, and an
amplitude of 0.25V. The signal generated by the digitizing sampling oscilloscope has a
rise (or fall) time of 20ps when used in TDR mode, and Jeaves another edge uncontrolled.
A voltage value of 2.7V at base terminal was observed from the oscilloscope dc test when
the voltage supply was 3.5V. The system was calibrated to subtract the delay time intro-
duced by the long coaxial lines, but still retained about a 300ps delay on input and output

coax lead lines.

The test results are shown in Fig. 6.2 and Fig. 6.3. Fig. 6.2 shows that the fall time
1, of the output responding to a “turn-on” input signal is 867ps, and the propagation delay
time is 804 ps. Fig. 6.3 shows that the rise time ¢, of the output in response to a “turn-off”
input signal i1s 746ps, and the propagation delay is 703 ps. For the inverter circuit, the rise
(fall) time is customarily defined as the time that it takes the collector current rising (fall-
ing) from 10 (90) to 90 (10)% point of the current waveform, and the turn-on propagation

delay time 18 defined as

4

tprL = td+§f (6.1)

where 1, is the delay time before the device turns on. The turn-off propagation delay time

is defined as

t
,
oy = 1t 5 6.2)

where 7 is saturation delay time.

Some other data sheets collected in the measurements are shown in Appendix D.
Fig. D.1 shows the sinusoidal signal response of the device. The frequency of input signal
1s about 790 MHz and the measured rise time and fall time are 338ps and 365ps, respec-
tively. Fig. D.2 shows the return and insert losses of the packaged device measured at the

frequency range 0.5 GHz - 15.5 GHz at different biases for the two ports, respectively.
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FIGURE 6.2 High speed step signal response of HBT Darlington device for ‘“turn-on” case
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6.3.0 Voltage Transfer Characteristics of the Device

Voltage Transfer Characteristics (VTC) is one of the principal properties of interest
for any digital circuit, which relates the output voltage to the input voltage under static (or
steady-state or low-frequency) conditions. Through VTC curve many important parame-
ters, such as noise margin, logic swing can be determined.The purposes to discuss VIC
here are: (2) to see if this device can serve the function of switching, and if yes, (b) where

1s the proper switching operating poiot.

Looking at the circuit shown in Fig. 6.4, the device inside the dashed block is so-
called HBT Darlington feedback amplifier. Based on the known model parameters,
assume Rf = 260Q, R, = 130022, R, = 4002, R, = 13Q. Two external resistive ele-
ments are added to the input and output. They are R ¢ = 50Q2 representing the source
resistance, and R, = 1k£2 as the load resistance. Vee is assumed to be 5V, providing a

similar bias condition as the practical test case.

Nodal analysis i1s implemented to determine the VTC under certain conditions.
Detailed derivation procedures are referred to Appendix C. The calculated VTC curve is
drawn in Fig. 6.5(a), in which this curve is comprised of four regions, representing differ-
ent operating states of the device. Region I starts from V;, = O through the first breakpoint
(BP1). Obviously this region accounts for the tum-off state of the device. In this region,
the output 1s pulled down by the input through the feedback loop. Regjon II indicates that
the first stage of the device is tumed-on but the second-stage is still off. In this region,
despite the significant increase of /|, the output voltage still keeps going up but with a
reduced rate. This is because the current in the feedback loop is decreasing quickly due to
the reduction of V,_. At BP2 the second stage starts conducting. At this point since 1,
keeps going down, the second-stage collector current I-,, combined with /-, begins
dominating /-, the total collector current. Therefore, the output voltage drops off rapidly

with the drastically increased I~ until BP3, where the first-transistor was saturated, which
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means that V_,, can be considered as a constant. On the other hand, since V,,, drops
down with V_, Q, 1s basically off. In the equivalent circuit shown in Fig. C.1 of Appendix
C, Qy is considered as an equivalent voltage source Veq in serjes with a resistor Req,
where V, is assumed as the sum of V_, (sat) and the voltage drop on R,, and Req
mainly accounts for the emitter and collector resistances. Then the output will linearly

increase with the input again at a gentle rate.

From Fig. 6.5(a), it can be clearly seen that region III is suitable for switching
operations, with the logic swing of about 1V, and the transition width 0.5V, but it brings
about a negative high noise margin (NMy) since the high turn-on voltage requirement for
two stage device, which is unapplicable for practical logic circuits. In our switching mea-
surements, the self-biased base dc voltage is located right in the middle of region III,
where both transistors are operating in forward-active region. Therefore no cut-off or satu-

rate delay time is accounted for here.

The device operating states for each stage and at each region are listed in Table 6.1.
In the VTC analysis, the saturation current /. of HBTs is assumed to be 10774,

V,.(on) = 1.15V,and V, (sat) = 1.35V for both stages.

The Spice simulation result is shown in Fig. 6.5(b) as a comparison, where the
transistor model parameters are referred to the previously obtained HBT Darlington-pair
model, listed in Table 5.2. Other parameters and operation conditions are totally same as

these used in hand-calculations.

TABLE 6.1. Device Operating States for each stage and region on VTC curve

Region 1 i1} 11t v
Operating State Both Off Q,0n Q, On Q, Saturated
Q, Off Q3 On Q, Off
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6.4.0 Switching Analysis

6.4.1 Simplified Small-Signal Switching Circuit Model

Charge-control model is an effective method in transient analysis. It is difficult
here, however, to find some required parameters for charge-control method, such as the
change of excess minority carrier charge AQ, and average base current I_B of each stage,
due to the complexity of the device configuration. A simple method for switching analysis
presented here i1s under the small-signal assumption and quasi-linear approximation. This
assumption allows the application of hybrid-% model and the separation of the whole net-

work into input and output Joops such that the circuit complexity is reduced.

For the two-stage circuit shown in Fig. 5.1(a) the equivalent circuit is simplified
into a one-stage small-signal transistor mode] plus the feedback loop as shown in Fig. 6.6,
where the subscript “eq” denotes the equivalent element that can be lumped or derived

from the complex network model.

o
=

[ g

g
=
o)

§rn€qvb’e — Ceqg CngVb‘c §goeq

FIGURE 6.6 Simplified HBT equivalent circuit model
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With this simplification the entire network under investigation can be drawn as

Fig. 6.7, where the input dc block and the output bias-Tee are also included.
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FIGURE 6.7 Measurement equivalent network

6.4.2 Charge Conservation Method

(a) Without Considering Base Resistance. Now first look at the input part in Fig.
6.7 without considering the base resistance Thbleq- Cy 1s the input dc block capacitance,
which isolates the DUT from the measurement systems. C,, is the total equivalent capac-
itance seen from the base terminal. The base-collector capacitance C,. usually needed in
high frequency model is not drawn here since it can be lumped into Ceq and C,, respec-

tively. Ry is the bias resistance, which can be expressed as
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R, = R\l R, 63)

where the impact of the output on the input impedance tbrough the feedback loop is not
considered since the switching is a very short instant. The equivalent differential resis-

tance r,, 1s often negligible in high frequency case. The input signal is a step voltage and

q
can be expressed as V, (¢) = AV, U(t). The circuit equations can be written as follows
by following Kirchoff voltage law (KVL):

(R, + ——Yi, —R,i =AY (6.4)
b S—E—B 1 b*2 — B :

. | R
eq
where i, and I, are the incremental currents in input Joopl and loop2, respectively, caused

by the switching as shown in Fig. 6.7. From (6.5), we have:

= ] 6.6

Substituting (6.6) 1nto (6.4), and solve for i; and i,

2
o AVbCBCeq AVbCB 1 67
! CB+Ceq R, (Cr,+C )25.‘. ! _
b B eq
Rb(cB+Ceq)
AV, C,C AV, C,C
i2= b~B>eq b~B™eq . 1 638)
Cs+Cop R (Ch+C.)> 1
BB e S R C,t L)
b B eq

Take Inverse Laplace Transformations of (6.7) and (6.8), and we get the currents

expressed in time domain.

{

2
AV, C,C AV, C -
i] (1) = b-B cqs(t) n b~ B e R, (Cy+C,)

(6.9)
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!
. _ AVbCBCBq AVbCBCeq ~Rb(CB+ng)
R =TS, tT 3¢

(6.10)

What we are concern about here is i, (f) . The first term of i, () in (6.10) indi-
cates the fact that an instantaneous current pulse in a &- function form was injected into
the base at ¢ = 0, responding to the triggered input signal. The second term is much

smaller in amplitude and is a slowly changed term since Cg» C, , representing the slowly

eq’

discharging process of the dc block capacitance. We needn’t consider this term here.

Now the intrinsic basic-emitter ac voltage v,,, can be expressed as:

i L
1 ¢ 1 AV, GC,,
Vb/e = Cqu.Lz ([)dt— C—MJ‘—E;:—CZB(t)dt
0 0 (6.11)
AV, C
- __ b"B AV,
(Cs+C,,)

This is an expected result because 7, and ry, . are not considered here. The col-

lector ac current i, 18 a constant in this short instant unfil the capacitance starts discharg-

ing.
[0 = 8.V = 8V, (6.12)

The total charge transterred into the collector in the instant ¢z, is:

where 7, means delay time. Applying the charge conservation law to the output node, we

have

AQi‘+AQL+AQRf+AQCL =90 (6.14)

where
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AQ¢, = CLAV, (6.15)
. AV, -4V,
Op, = —ﬁ}—-td (6.16)

As for AQ,, we have several ways to simulate the time dependence of the self-
inductive electrodynamic potential in the inductor L, during the switching. First one is

called linear approximation, which is the simplest model but leads to an acceptable result.

In linear approximation, the self-inductive electrodynamic potential versus time is

assumed linearly changed:

AV 1
AV (6 = (6.17)
ty
Therefore,
di, AVt
_LCE = » (6.18)
where AV is the total output voltage change during the delay time .
AV, AV, 5
i, = —|—21dt =-_—2¢+C (6.19)
L JL 1 2Lt
From the initial condition i, _ ; = 0, we have C = 0, hence
i (1) =- A%, 7
2Lty (6.20)
K FNY AV
A = [i (ndt = - o 2 - _ 0.2 P
0, ilL( )d ich’dt dt = et ©621)

Inserting (6.13), (6.15), (6.16), and (6.21) into (6.14), the complete equation with

respect to delay time 1, is
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AV, , A ATV
- v = 6.22
6Lctd+ (gm b+ 2Rf Jtd-'- L o ( )

It can be further solved as follows

3L A, -1 A,-1N\? 24%c, |
ty=-———|-8,——=—+ l|g + + (6.23)

A, 2Rf 2Rf 3L,

[

where A, = AV, /AV, is the voltage gain of the network. It is interesting to look at this
formula at two limit conditions. First, when the second term under the square root is much

greater than the first term, the delay time can be approximately expressed as

ty=J6L-Cp =257, - (6.24)
where 1, denotes the long delay limit and ¢, .= /L-C,. (6.23) provides a simple way to
estimate the delay when the load parasitics limit the speed. Secondly, considering the case

when the second term is much smaller than the first term, the delay time is given by

A,C,

mt
2Rf

where 1, denotes the short delay limit. Note that in this expression, the delay time is inde-
pendant of L, which means that L. is no more as sensitive to the delay as is C, at this
point. It must also be pointed out that the results obtained so far are all based on the
assumption of ignoring the base resistance impact. As the delay represented by (6.25) fur-
ther decreases with C;, the intrinsic time constant T, has to be taken into account as it
can be seen later. The feedback resistance always plays as a speed-degrading element but

at the former limit condition, its impact can be ignored.

The second way to simulate AQ, is called exponential approximation, in which
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!

AV (1) = AV, [1 —e '“”"] (6.26)

where » is a correction factor that can be adjusted to make this equation best matching the

actual curve. Under this approximation and going through the same procedures as (6.18)-

(6.21), we have

AV, oar1 11
_ o2 -
AQ, = - td[i—;+;(l e )} 627)
In the present case, it is sufficiently accurate to let » be 4, then

5AV, ,

Replacing the first term of (6.22) with (6.28) and implementing the same limit con-

dition analyses, one can get a series of parallel results as follows

8L, A -1 A -1\ SA‘C
[d = ~8m A + [gm + e J + v & . (6.29)
T4, 2R, 2R, AL, |
ty =179 JL-C, (6.30)
A,C,
as =~ 6.31)
E8xn* R

f

Another approximation approach is referred to sinusoidal approximation, in which

!t
AV(t) = AV sin_— (6.32)
In this case, we have
2 AV 0.23AV,
AQ, =-= (l - =y (6.33)
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218L.]  A,-1 \/[ A, - 1}2 Alc, W
P I ANAS) S S | [P FRLAL S (6.34)
d m m
A | Ty 2R, ) T TooL, |
1= 2.15,JL.C, (6.35)
CAC 6
fge= —— (6.36)
8t =3

Note that same 1, expression was resulted from these three approximation meth-
ods. It can also be seen later that the second method has resulted in a best agreement with

the nodal analysis resuits.

We assume here L = 100 — 400nH, which is equivalent to a 300 — 1200£2 resis-
tor at the frequency of 500 MHz, the highest harmonic frequency component correspond-
ing to the rise time observed in the measurements. C, is chosen between 1 and 6ps,
which includes all the parasitics existing in the output signal line. g, is referred to the sin-
gle-stage modeled value listed in Appendix A, where it equals about 0.063S. Here it is
assumed to be 0.03§ since the model in Appendix A is an emitter degradation-type com-
mon emitter configuration (see section 6.5 for detail). In the “turn-on” case,
AV, = 50mV after 14dB attenuation. AV = —0.45V accounts for the device output. In
the case of “turn-off’, AV, = -50mV, and AV_ = 0.40V were observed from the mea-
surements. Using exponential approximation and inserting these parameters into (6.29), a

set of time delay values are readily obtained as listed in Table 6.2:

TABLE 6.2. Calcutated fall and rise time at certain LC time constant with charge
conservation method

Lo = 400nH  Lp=300nH  Lg = 200nH L. = 100nH
C,=15pF C,=2pF  C_=3pF  C,=6pF
140 (n5) 0.815 0.924 1.05 1.21

ty,(ns) 0.702 0.819 0.968 1.15
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where # 4 and 1, are defined as fall time delay and rise time delay, respectively. It should

be noted that the fall and rise times defined here are different from the customary defini-

tion where they represent the time taken between the 10 - 90% points of the output wave-

forms. From this set of results, one can see a good agreement achieved with the

experimental data when L. = 300nH, and C, = 2pF.

(b) Considering Base Resistance. Now consider the influence of base resistance

Fpp- Solve the circuit equation (6.4) combined with

1
. 0
sCeq)l2

=Ryi + (Ry+ry,+

It turns out

{
i ~ AVbe rl)b'er

by

under the approximation of C, « Cp and 7. ~ R,,. In this case,

1

T,
- AV,,[I —e ]

where the intrinsic time constant T, is defined as rbblceq, hence

. _‘E
I (1) = §uVpe = gmAVb[l—e "‘j

. T”l
AQ, =i,-1;= g,AV, 1,47, e "1

(6.37)

(6.38)

(6.39)

(6.40)

(6.41)

(6.42)

If we assume 1, » T which 1s true in our case, again obtained is the same result:

as before
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AQ‘-‘ = 8,4V, 1, (6.43)

which means that the influence of base resistance is negligible here. In most of practical
situations, in fact, the delay caused by intrinsic parasitics is much smaller compared to that

by extrinsic elements.

6.4.3 Nodal Analysis Method

A further nodal analysis at the output node derives out the output waveforms in the

time sequence. Fig. 6.8 shows the ac output equivalent circuit, where

t

i) = gmAVb(l —e ‘m] (6.44)

»
>
[ ]

G> i (1) § R, __C Le AVs®

FIGURE 6.8 Equivalent circuit of ac output loop



In frequency domain,

Therefore,

where Tpe = R,C,, T, = /LCCLA (6.46) can be dissected into

8.AY, ] 1
AV, () == 41 I I
in~L — At =t St
Tfn ’cl\’C’c ILC n
. 1 _ 1
Sor1 1 1= )] s+5=— (1=.J8)
77 ( ) 2
Trel%in “Tge RC
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(6.45)

(6.46)

(6.47)
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2
RC

2

2
where & = 1 —41 1Ty - = | —4R,C,/L,.

Perform Inverse Laplace Transformation of (6.33)

gmAVb | T
AV, (f) = - g
o (D) T C) 1 1 l €
" Tt
T, RCin T
(1~ /8) [
1 T
+ 5 1 e ke (6.48)
- ﬁ)}
Tre {Tm 2Tqc
Sy
: | . 27,
S
2+ JS)J
Tre [ Tw  2Trc
Consider the case Ty € Toes Ty which is true here.
L _(l—ﬁi)l _(Hﬁ){}
V. (1 :_8mAVb 2, % 'cmTRCe e Tz'uTRCe 2T,

T {6.49)
‘Cin CL " 4/5 Jg J

As 6 <0, we have

AV t t ¢ |8|z ‘mt 1
g T VWlRe T2t 21 X
AV, (1) = =2 bl gP e oy ILRC, Tre)  Thee o Thee

’Ein CL & lm

! !
2gmAVb_[RC [mtin K3 2T, , ’\/@ ]
- e t

J3c,

N

(6.50)

As1~1, «Ty., AV (1) will approximately follow

gmAVb 12
AV (1) =- c, [Tm""zt__ (6.51)

m
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Since T, « T, ., the first term in the parenthesis of last equation in (6.50) can be
neglected as ¢ » T, such that
in
-t
2gmAvbTRCe ZtRCS_ J9)

in—--t I»T (6.52)

A/|§]CL 2‘ERC in

As T, <L« Tp0, AVO (1) is basically linear:

AV, (1) = -

gmAVb

AV, (1) =~="
L

t (6.53)

Both (6.51) and (6.53)show an independence of L.

In the long delay limit case, which means C, relatively large, we have

AR2C,/Lg» | suchthat i3] =2R,[C,/ L, hence
i2 -
Cc 217, . t
AV, (t) =-g,AV, /C—Le Rcsm?; (6.54)
c
T :
From (6.54), ¢,, can be estimated as ETLC: 1.57 /LCCL. [t can be seen that this

result is fairly close to that in (6.30), which was obtained by exponential approximation in

the charge conservation method.

As 820, (6.49) becomes

{ {
28, 0Vy e (o1, & - 9
b RC( in, T e 2‘ERCSinh [ tj (6.55)
fic,

AVolh == 2Trc 2Tpc
Fig. 6.9 plots the output waveforms calculated from (6.50) and (6.55) for “turn-
off” case, where g, = 003§, AV, = 50mV, R = (Ry+R) = 310Q2, where
R, = 50Q is the source resistance. The values for L~ and C, are changed by keeping the
time constant T 0= JZTC-_C'Z invariant. It can be seen from Fig. 6.9 that in this case, a

smaller C, will improve the speed and increase the gain considerably.
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FIGURE 6.9 Calculated switching waveforms for “turn-off”’ case. (a) L=100ul],
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Cy,=6pF; (b) L-=200nH, C; =3pF; (c) L=300nH, C =2pF; (d) L=400nH,

C1=1.5pF; (e)

¢=6000H, C=1.0pF.
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6.4.4 Charge-Control Method

In the case of large signal, R, can be replaced by a Thévenin equivalent resistor
R,., which is approximately equal to R, in this case, connected in series in the base loop.

The average current Z’; can be found simply as

AV,

=2 (6.56)
b 2(Ry+ryy)

Then the transient collector current can be found by solving the charge-control

equation (see Fig. 3.4a)

AQ,
= =B d
Iy = T, +5,(8Q2p) (6.57)

where T, is the minority lifetime in the base, and AQp is the excess minority carrier

charge change during the switching, which furns out

!

i = Bﬁ,(l —e t"] (6.58)
This leads to an expression of AQ,.C similar to (6.13)

AQ; =Biy, (6.59)

as f,» T _. Taking it into (6.14) and solving for ¢ ,, we get a similar expression to (6.29)
d n g d g

— — 2 2
8Lo| Bi, A,—1 i, A,-1Y SAlC
_ k¢ b Ay J[Bb j+ vL (6.60)

‘4% T34 | TRV, 2R; av, " 2R, 4L,

Assume B = 20 (see Fig. 5.8) and keep other parameters same as before, the fall

time 7, and rise time 7,, at different L~ and C; combinations can be listed as follows
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TABLE 6.3. Calculated fall and rise tite at certain LC time constant with charge-control method

Lo = 400nH L= 300nH  Lp=200nH L, = 100nH
C, = \5pF C =2F  C,=3%F  C,=6pF
Lyr (128) 0.610 0.730 0.890 1.10
t,, (ns) 0.522 0.639 0.806 1.05

As (6.59) is used in small signal case, it is basically equivalent to (6.29) because

Bi,
g,, can be approximately expressed as ﬁ since i, is a variant during switching. The
b

difference between the results of (6.29) and (6.59) may come from several reasons, such

as the measurement error of B and simulation error of g, . In fact, the assumption 7, » T_

is not always true, specially in the case of high base doping, which tends to reduce the

value of AQ; and increase the delay. It’s worth pointing out that although the data of g,

and P used here came from different sources, one from the simulation model based on the

high-frequency measurements, another from the direct dc measurements, they turned out

quite consistent results.

6.5.0 Spice Simulation Results

TekSpice transient analysis results (taking the “turn-on” case as an example)
obtained by using the single transistor equivalent circuit model are plotted in Fig. 6.10,
where the circuit connection and element values are the same as that used in hand-analysis
calculation. The transistor model parameters are listed as follows, basically following

those listed in Table A.1.
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TABLE 6.4. Single stage model transistor parameters

Br =50 i, = 1024 1,=430ps r, =50Q r,=10Q r, =160

c

C, =018 ¢, =12V m =033 C =70/ ¢ =12V m, =050

Note that B = 50 used here is the intrinsic current gain of the transistor. Com-
pared to the measured current gain of the Darlington-pair shown in Fig. 5.8, the intrinsic
current gain is larger than the measured value since the single-stage transistor model is an
emitter degradation-type common-emitter configuration circuit, in which the total network
gain is greatly degraded by the emitter feedback resistor. According to the relationship

between the degraded transconductance g, and the intrinsic conductance g,

’ gm
= _ - 6.61
8 = T g, Ry ©on
and the relationship B o< g, , the intrinsic transistor current gain should be enlarged by the
same factor as that the total transconductance was degraded. In (6.61), R; is the emitter

resistor.

In Fig. 6.10, three groups of curves are plotted, corresponding to the C, values of
2pF, 4pF and 6pF, respectively. Each of them comprises three curves, too, which are
obtained by changing L from 100nH to 300nH at each fixed C,; value. One can see that
in short time delay case, it is basically C, that determines the speed and output amplitude.
Only at certain delay level, the influence of L - starts to show up. In this family of curves,

it can be seen that the bottom two curves represent the present device behavior best.

Fig. 6.11 1s the Spice transient analysis results (still the “turn-on” case) obtained by

applying the two-stage equivalent circuit model. The transistor configuration is the Dar-
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FIGURE 6.10 Spice transient simulation results by using the single-stage model for “turn-on’’ case
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LT1



118
lington feedback amplifier as shown in Fig. 5.1a, and the external circuit connection and
element values are same as before. The transistor model parameters are based on those
listed in Table 5.2, and listed now as follows:

TABLE 6.5. Two stage mode] transistor parameters

Q) B =450 i = 10024 1. =230ps r, =20Q 7,
C,=65f ¢,=12V m =033 C =50 ¢

-4

]

130 r, = 50Q
12V i, = 0.50

: =150 i = 1024 f.=430ps r, = 70Q .= 280Q r, = 130
2 F s F b c 13

C,=0U7p ¢, =12V m, =033 C, =010p ¢ =12V m =050

In this two-stage model, the explanation for ., = 450 and $,, = 150 follows
the same reason as mentioned above. In the first stage, the total Rp is equal to
r, +R, = 450Q. In Fig. 6.11, the similar curves family is produced by using the same
sweeping values of L~ and C, . Comparing Fig. 6.10 and Fig. 6.11 with Fig. 6.9, one can
see they are quite consistent in describing the switching behavior of the device presently

under investigation.

6.6.0 Discussions

In most practical circumstances it is the load elements Jimiting the switching speed
of the device. Among them load capacitance C, plays a key role. As seen in present case,
combined with the inductance L, the tme constant T, - is formed in determining the rise

or fall delay rate. With a certain value of 7, ~, smaller C, will improve the speed and

Lc
achieve higher output voltage. Therefore, minimizing the load capacitance is an important

issue in switching circuit design.

1t should be noted that besides those extrinsic elements, the only intrinsic parame-

ter involved in (6.29) is the transconductance g, of the composite transistor. The voltage
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gain A , which relates to the transfer characteristics of the device, depends on the device
configuration, and partly reflects the intrinsic properties, is another important parameter
affecting the switching performance. In large signal case, common-emitter dc current gain
B takes place of g, . According to (6.29) and (6.59), a switching device with higher g, or

B suggests a faster speed, which can become another useful criterion of design.

Now consider the case that the external parasitics are minimized to a very low
degree such that all the extrinsic time constants are less than the intrinsic time constants,
e.g. T, as defined in (6.39). In this case, the delay time ¢, is mainly limited by T, . A cus-
tomary way for rise time estimation tells us that it takes about 2.2T_ in a typical inverter
circuit for the collector current rising from 10 to 90% point of the current waveform, what-
ever T, accounts for. We can get this conclusion for this specific case in another way by

expanding the term exp (—¢,/7,) in (6.42) into Tailor series up to third term, hence

3

2
Ly Ly
s 4 _ 4 6.62
ACi =88, [2% 67> ) ©62
1343

Ingerting it 1n (6.14), it turns out

gmAVbt3 [AVO gmAVbjt2+AVo_AVb
- d- | g7~ d

in

1+ CLAVO =0 (6.63)

Assuming C, very small and the feedback loop open, which mean C, — 0 and

Rf—é oo, the last two terms can be neglected, we simply have

AV AV AV
_&m by = 0o EnZ s (6.64)
3,52 3LC T.

: in
1243

Solve for 1,

ty =31, - (6.65)
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t,= 31, (6.66)

m

which is fairly close to 2.2, if we use the customary definition for the delay time.

In present case, T, 1is defined as r,,,C,,, where r,,, is the spread base resistance,

eq’
and Ceq is the equivalent capacitance seen from the base port. In general, C,, can be

1_ /]

AV,

expressed as C, + C.. C, is dominated by the diffusion capacitance C,,,

which characterizes the influence of mobile carriers on currents flowing through the tran-

sistor in forward active mode, and can be expressed as T, g, 1n small signal condition,
where T, is forward transit time; C, is the distributed base-collector junction capaci-
tance, now lumped into base-emitter loop, and AV,, is the intrinsic base-emitter voltage
change. It is not difficult to find by a careful comparison that the intrinsic time constant T,
defined here is basically corresponding to the intrinsic part of the propagation delay time

D defined in Ashar’s paper]9 for voltage drive switching circuit case, which is expressed

as

Ry [Cy+C,,+ (1+R,/R,))C,] (6.67)
where R, is the base resistance, R, is emitter diode resistance, C, is diffusion capaci-
tance, C,, and C, are emitter-to-base and collector-to-base transition (junction) capaci-
tances, respectively. As claimed by Ashar, it is R,C, (denoted by r,,, C, in our case)
rather than 7, = R,C, (denoted by T,_here) that plays a major role in voltage switching
since C, 18 usually much smaller than C, there. It is not exactly the case here, however,
since typical GaAs-based HBT technology tends to present a comparable base-collector
junction capacitance which may dominate the capacitance factor of time constant T, after

lumped into C, , specially in the case with a large voltage gain. One can see this point by

eq’
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examining the value of 7, using the data obtained from the previous model. It can be
found from Table A.l in Appendix A that the Darlington composite transistor represented
by the single-stage model has rp,, = 49.3Q, C; = 0.118pF and C_, = 71.5fF. Assum-

ing AV, =AV,, Ceq can be calculated as

Ceq = 0.118+10x0.0715 = 0.83pF (6.68)

Therefore,

= r,,C,, = 40.9ps (6.69)

in

The shortest delay time determined by the device itself is thus

t,= 31:‘.’1 = 123ps (6.70)

or with customary definition is about 2.21, = 90ps.

If only the first stage is under operation, from Table 5.2, we have r,.,, = 2040,

Cyy = 65.1fF and C .| = 48.5fF, therefore

T, = 11.2ps (6.71)

14
From this example it can be seen that the base-collector capacitance is actually
dominant term in forming the total capacitance factor, and also that the switching speed
was degraded a lot by the poor base resistance and base-emitter capacitance characteristics

of the second stage.

Modern HBT technology tends to pursue very thin base layer to achieve very short
base transit time T, under the prerequisite of keeping a relatively low base resistance by
making a high base doping, which is the major trade-off of HBT technology. It now seems
more important to achieve a Jow base resistance rather than a thin base layer. Too high
base doping, however, will degrade B or g, of the device. Therefore, a compromise of

several factors should be taken into account in switching device design.
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6.7.0 Summary

A small-signal switching analysis of packaged Darlington configuration device
was implemented based on the previous model. This new switching analysis tech-
nique separates the input Joop from the output loop for the purpose of simplifying
the charge transfer calculation. The hybrid-nt model was for the first time used for
switching analysis, and is a good model in realizing the desired simplification. Sev-
eral different methods were employed for solving the same problem, and tumed out
quite consistent results which also have good agreements with the experimental data

obtained by the TDR measurements and the Spice simulation results.

The waveform analysis shows that the load capacitance impacts the speed signifi-
cantly. Small load capacitance 1s always preferred because it not only improves the

speed but also raises the output voltage under certain value of LC time constant.

In the small-signal switching delay time formula, transconductance g, is found as
the only intrinsic parameter. Voltage gain A, is a partly intrinsic parameter in the for-
mula. The higher g,, and A , the faster speed. Large-signal formula, where 3 takes

place of g, , can also be used as a small-signal switching formula.

Assuming that the extrinsic elements can be ignored, the intrinsic time constant T
becomes the main limitation of the delay time. For GaAs-based HBT devices, it is
base-collector capacitance that dominates the capacitance factor in T, . In present
case the shortest delay time is estimated as 31, = 123ps, equivalent to the custom-
arily defined delay time 2.2t, = 90ps. This value is much larger than that obtained
by only considering a one-stage device since the poor base resistance and base-emit-
ter capacitance characteristics of the second stage severely degraded the speed

response.
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APPENDIX A

The single-stage hybrid-7 equivalent circuit model of HBT Darlington feedback

amplifier 1s shown in Fig. A.l, and the corresponding element values are listed in Table

AL
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FIGURE A.1 Diagram of single-stage hybrid-Tl equivalent circuit model for HBT Darlington
feedback amplifier
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TABLE A.1 Single-stage model element values of HBT Darlington feedback amplifier (obtained
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from SuperCompact simulation based on the S-parameters measured at V-¢=3.5V. Error
function = 0.11)

Element Values Element Values
o 7.600 c, 402FF
Yo 41,640 c, 6.26FF
v 1.69 x 10°Q C, 61.17FF
r, 592x10°Q Cy. 435FF
r, 19.930 C,. 0.143PF
r, 0.720 c, T45FF
r 0.640 L, 0.069NH
v 0.180 L, 0.021NH
. 0063255 L, 0.036NH
R, 281.530 L, 0.283NH
o 0.118PF L 0.083NH




APPENDIX B

Assume a uniform doping density formed in the base, collector, and collector con-

tact layer, respectively, and the collector edge of the depletion region has reached the col-

lector contact layer under sufficient high reverse bias. The depletion charge density p,

electrical field E, and potential V in these regions can be schematically plotted in Fig.

B.1(a), (b), and (c), and expressed as
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(B.1)

0<x<x, (B.2)



p(x)4
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FIGURE B.1 (a) Depletion charge density, (b) electrical field, and (c) potential in depletion

regions.
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r¢/’ x<-x,

qN

ETY (X"'X) +¢ —xpr<O
gN gN},

V(x) = 1 ¢n_2_ED(x—x")2_TD(xm—xn) (x,—x)  0<x<x, (B.3)

‘]NB 2

P ™ 55 (x—x,.) x, Sx<x,

q)nc x>xnc

Charge neutral requirement gives

gN, X, = = gqNpx, +qN+ (x,,—x,) (B.4)

V (x) should meet the continuity condition at x = 0 and x = x,,

N, qNp » ‘JNB
ETR AR I e T i Sl G T O ®
CINB 2
¢n = q)nc_ ¢ (xn_xnc) (B.6)
From Eqn. (B.4), we have
N,x —Npx,
X,.—x, = # ®.7)
ND

Substituting Egn. (B.7) in (B.5), and after rearrangement, we get a quadratic equa-

tion with respect to x,

ND ) 2¢€
+2 e B.8
x X, X, NAx o, q) (B.8)
where ¢, = ¢~ d)p. Solve for X,
Np 289,
xp = (— + —-—an (B.9)
Ny gN,x
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Take the result of (B.9) back to (B.7), finally we have:

2e0,
X —x = (8.10)




APPENDIX C

Voltage Transfer Characteristics Analysis

Applying Kirchoff current law (KCL) to node V), of the circuit shown in Fig. 6.4

and 1gnoring the base current /,, we have equation

CASE A. Assume both Q; an Q, being off, ]C] = IC2 = 0 at node V,, then

o _ a

Therefore,

_Yee (12 8y
Re/R; Ro) ®

Substitution of (C.3) into (C.1), solve for V,

V. \%
vV o= 1 ! + cC
° Rf 1 Rg Rg RC/Rf
1+~ -~ 1+ =2+-=
R R, R R R
R S A 1 4
R, Rg
Rf 1
As =L — « 1, which is true in current case,
+7?—]+k—
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(C.3)

(C4)

(C.3)

(C.6)
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vV, = + (C.7
Rg ﬁ RC/Rf

CASE B. Q) starts to conduct — the first breakpoint (BP1), where still with

ICI =1, =0butV, =V, (on). From(C.2),

2

v, (on) Vv
b + cC

V., = (C.3)
ol Rf RC
l+—=—= 1+ =
Equate (C.5) and (C.6) and solve for V,,
R, R
&L 8
1+ R, + Rf Ve
vV, = 7 {Vbe(on) - —2} (C.9)
L+ =L (Rc/Ry)
C
CASE C. Q; conducts but Q5 is still off. At node V,,
V.-V V-V vV,-V
CC” "o Yo" b _ I =1, = b~ Vbhel C.10)
Vv V., (1-R, /R (R, /R V
v = cc b f 2) 4 ST Thel .11
1+ — 1+ =~ 1+ —=
f Re Re
Since
vb(]
v

where Vi = k7/g. Rewrite V as
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1% 1% e (1=R; /Ry)
V, = cC__hel s 2 (C.13)
[+-5 1+ s

v [1 i Rf)v i
= | 1+=+== |V, - (C.14)
° R, Rg Rg/Rf
Substitute V, with (C.11)
Vb(l
Rf Rf A v
8 g

Equate (C.12) and (C.14) and solve for V,

A _x( N SR B
Vi R, 3 R L+R,/R.) be!
) V., (C.16)
R, R, 1-R,/R % 1
+(1+—1+—1—7f zjlsteVT— cC !
R, R, 1+R./R; I+RA/R, |

The transfer function V, vs. V, is now expressed as a set of parametric functions

VoII = Vo[[ (Vbel)

(C.17)
Vit = Vi Wier)

where the subscript II means region [I.

CASE D. Q, starts to conduct — the second breakpoint (BP2), but stil) with
I, = 0. We have
2
VCC - Vo2 Vo2 - Vbz

R, = Rf +1 (C.18)




and

_ V,.(on)

Insert (C.18) and (C.19) into (C.17) and take some rearrangement

14— 1+=L 14 -1
R; R, R,

Vo2 =

Compare (C.20) with (C.6) and note Rf /Ry < 1, one can see:

V2>Vol

o

From (C.17), (C.18) and (C.19)

R Vv V,.(on)
V,, = (1+_£]V02— cc b
R, RAR, " “RJR,

Substitute (C.22) into (C.13) and rearrange it

R, 1 v Vee Via Vie(On)

1+ == ~—

R¢ R, R |7 RJR,~ R, R, RyR,

l+ =+ =
R, R, . -

Again, assume Rf /R-=1/(1 +Rf /R, +Rf /Rg) «l1

Vo= Via + Vee  Vielon)
, = -
R Ry RIRTRJE
R, R,

Equate (C.24) and (C.20) and solve for V,

R, R
I+ + % y R R
vy = — Sy omo— L5y vy on)
2 R | " be 2R bel R be
t+-L L (R/RY™ ™2 ¢

C
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(C.20)

(C21)

(C.22)

(C.23)

(C.24)

(C.25)

(C.26)



The curve slope of region I1 can be expressed as follows:

AVD[I Vo2 - Vol I

AVy — V-V, o Rf[l+Rg R JVbel+(RJ/RC)VbE,(on)

Te T

In our case,

Ry Voo + (Rp/RQ) Vi (om)

Therefore

= SLOPE OF REGION I

R, + Rf IC] + IC2
with
7. = Vb - Vbel
c, — R2
)i _ Vb Vbel - Vbe2
C, R3

Rearrange (C.29) into

11 Vee | Ve 1 1 Ry Ry
(+3)V, = 5=+ =+ (5-5)V, —(1—ﬁ+— I
R- "R, Re Ry "R Ry P , ) 6

R, R v
Assume -é, 2 «landnote 7. =7 ev””/ T
R, R, o
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(C.27)

(C.28)

(C.29)

(C.30)

(C.31)

(C.32)

(C.33)
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Vo~ Vee . Viel . (1= IRV Ry 7 Vel Vi a0
o~ s .
l+— I+== I+ —= 1+ —
R, ' Re R, R,

Io this region V,_ will drop off drastically due to the conduction of Q.

Since V), = V| + V)5 + [ Ry at bere, repeat the procedure done before and get

R 1% R, R
y.o=_8)] ¢ 1+—f+—f-# Vel
L ’ R, R, R R, | 7¢
1+ — ¢ o1+ 2
R, R,
R, R, 1-R,/R
S S S
1+ =+ == - [V, (C.35)
( R, R, J+Rf/RCJ bel

Similar to Case E, we can get the transfer function in this region in the form of fol-

lows:

Vour = Vo (Viea)

(C.36)
Vin = Vim (Vbe2)

as shown in (C.33) and (C.34) with V,,; approximately taken as a constant here.

CASE F.The point where V_ stops dropping — the third breakpoint (BP3). At this
point V,,, = V, (satuation) and V_,, can be considered as a constant. On the other hand,

Vbe2 drops down as V, does and 50 18 ICQ, which now 1s much less than [C1 again.

CASE G. After BP3, V  will increase again since ICI dominates the collector cur-

rent once more. The equivalent circuit at this moment can be drawn as shown in Fig. C1.



FIGURE C.1 Equivalent circuit in CASE F
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In the equivalent circuit, Qy is considered as an equivalent voltage source V, , n

series with a resistor R, , where Veq 18 assumned as the sum of V_ (sat) and the voltage

eq’

drop on R,, and R, 1s mainly account for the emitter and collector resistance. At node

V,, the current equation can be written as follows:

Vb_vo — Vo_veq+ v(J_VCC
R, R,, R

which turns out

R R R R
' 'l 'l S
V, = 1+—+—jV——V -1V
b [ R, Req ° Req €q RC cc

Take (C.37) into (C.13) and solve for V , finally we have

(C.37)

(C.38)
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0 R R R R
(l+—‘g+—][l+—£+—f] £
R, R, Re R, ) R, (C.39)
R, R R ]
V.+ 1+—g+~£](—’iv + Ly M
|: i ( Rf R] Req e’ R cC

This is the transfer function in region IV, the last region of the VTC curve. From
the above equation, one can see that the output increases linearly with the input simply due

to the pushed-up effect by the input.

With these transfer functions in different regions determined, now it is ready for
plotting out the curve of V, vs. V. . which is shown in Fig. 6.5(a). The data used for the

VTC calculations are listed as follows:

R, = 260Q R, = 1300Q R, = 400Q Ry = 130

-23
R,, = 50Q R, = 500 Re = 1000Q I, = 10724
Vee = SV V,, =12V V,(on) = LISV V, (sat) 2135V
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FIGURE D.1 High-speed sinusoidal signal respouse of the packaged AlGaAs/GaAs HBT
Darlington feedback amplifier
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